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Abstract

The trend for mobile communications is clearly moving toward increasing numbers
of communication standards and services which occupy expanding wide frequency
ranges. At the same time the physical dimensions of handheld user devices are
shrinking, leading to even tighter specifications for the highly integrated front-end
architectures of mobile radios. Modern front-end architectures use dedicated receive
and transmit paths for each covered communication standard. Thus the overall
complexity and occupied area is increasing as well. The wide frequency allocation
of the regulated communication bands, which have to be covered by these radios,
calls for reconfigurable and frequency agile microwave subsystems. By introduc-
ing such subsystems, new architectures with reduced numbers of functional blocks
could be implemented. Attractive applications for tunable circuits in the RF front-
end are tunable matching networks, filters, and reconfigurable power amplifiers.
New concepts are desired which can combine several of these individual circuits, in
order to improve the overall front-end efficiency. Since the target application is the
operation in handheld devices, certain design goals have to be considered such as
size, losses, power consumption, linearity, and overall costs.

One possibility to achieve tunability in microwave circuits is the introduction
of tunable passive components, based on ferroelectric materials or microelectrome-
chanical systems (MEMS). Both families of tunable passives are discussed in this
work. Among the numerous ferroelectric materials, Barium-Strontium-Titanate
(BST) is probably the most suitable candidate. Its RF behavior as well as its man-
ufacturing technology have been investigated intensively over the past years. In
this thesis, ferroelectric thin-film BST varactors serve as tuning elements in order
to design frequency agile microwave circuits in the frequency region around 2 GHz.
Based on BST varactors several frequency agile subsystems, like filters, couplers
and power dividers will be discussed. Analytical design procedures are presented
and the suitability of the proposed designs is demonstrated with prototype boards.
Novel filter topologies are presented along with one innovative concept for design-
ing reduced size frequency agile circuits, such as power dividers and couplers. The
operation of the implemented tunable microwave circuits is investigated in terms
of simulation and measurement setups.



Zusammenfassung

Der Trend in der Mobilfunkkommunikation entwickelt sich dahin, dass immer mehr
Standards und Anwendungen abgedeckt werden müssen. Diese funkbasierten Dien-
ste erstrecken sich über einen sich stetig ausbreitenden Frequenzbereich. Gleich-
zeitig ist eine zunehmende Entwicklung in Richtung Miniaturisierung bei den Ab-
messungen der Mobilfunkgeräte festzustellen. Beide Entwicklungen kombiniert
führen zu erhöhten Anforderungen an die Transceiver-Architekturen der Geräte.
In modernen Sende- und Empfänger-Implementierungen werden dedizierte Kommu-
nikationspfade für die jeweiligen Betriebsmodi eingesetzt. Somit ergeben sich eine
hohe Anzahl von HF-Baugruppen und eine damit verbundene hohe Komplexität.
Der weite Frequenzbereich, der für die verschiedenen Kommunikationsstandards
abgedeckt werden muss, erklärt die Notwendigkeit für abstimmbare und frequenza-
gile HF-Schaltungen. Durch die Einführung solcher Subsysteme werden Architek-
turen mit einer reduzierten Anzahl an HF-Baugruppen ermöglicht. Interessante
Anwendungen für abstimmbare Schaltungen im Frontend sind u.a. abstimmbare
Anpassnetzwerke, Filter und rekonfigurierbare Sendestufen. Neue Konzepte sind
erforderlich, die mehrere solcher Schaltungen kombinieren, um die Effizienz ex-
istierender Systeme zu steigern. Da der Einsatz in Mobilfunkgeräten angedacht ist,
müssen gewisse Aspekte wie z.B. die Abmessungen der Schaltungen, HF-Verluste,
Leistungsverbrauch und Linearität untersucht werden.

Eine Möglichkeit um ein abstimmbares Verhalten von Mikrowellenschaltungen zu
erzielen ist die Einführung von passiven abstimmbaren Komponenten. Diese können
auf unterschiedlichen Technologien basieren, z.B. auf ferroelektrischen Materialien
oder auf mikroelektromechanischen Systemen (MEMS). Beide technologischen An-
sätze werden in dieser Arbeit untersucht. Unter einer Vielfalt an ferroelektrischen
Materialien erscheint Barium-Strontium-Titanat (BST) als die wohl geeigneteste
Wahl. Sowohl das HF-Verhalten als auch die Herstellungsprozesse von solchen
ferroelekrischen Schichten wurden bereits intensiv erforscht. In der vorliegenden
Arbeit dienen BST-Varaktoren als abstimmbare Komponenten zum Entwurf von
frequenzagilen Mikrowellenschaltungen im Frequenzbereich um 2 GHz. Auf der
Basis von BST-Varaktoren wurden unterschiedliche abstimmbare Schaltungen wie
z.B. Filter, Koppler und Leistungsteiler untersucht. Analytische Entwurfsmethoden
werden vorgestellt und implementierte Prototypschaltungen verifiziert. Die Funk-
tion solcher abstimmbarer Schaltungen wird mit Hilfe von Simulationen und Mes-
sungen untersucht.
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1. Introduction

Over the last decade mobile communication has become one of the driving forces
in the global technology market. This becomes more evident when considering the
numbers of overall sold handheld devices. Starting from the year 2006, where the
number of one billion units was exceeded, a constant growth is taking place. By
introducing the 3rd generation mobile phones, also called 3G phones, the operation
in more communication standards was established. Typically, these handheld de-
vices cover 4 to 5 standards including GSM/EDGE 850/900/1800/1900 MHz and
WCDMA Band I at 2100 MHz. At the same time, the overall physical dimensions
of the devices shrunk, leading to even tighter specifications for the analog front-end.
A simplified schematic of a 3G front-end is depicted in Fig. 1.1.

Antenna

WCDMA

LPF

Tx

Rx

Rx 1800 Rx 1900

Rx 850 Rx 900

SP7T

BPF

Duplexer

Tx 850/900

Tx 1800/1900

Figure 1.1.: Schematic of a 3G front-end architecture.

It consists of an antenna front-end module which incorporates a multi-pole switch,
in this case an SP7T (Single-Pole Seven-Throw). The individual communication
paths are switched to the antenna port depending on the operating mode. The in-
dicated bandpass filters and the duplexer are implemented as surface acoustic wave
(SAW) and film bulk acoustic resonator (FBAR) components [1]. This technology

5



6 1. Introduction

allows for implementation of very compact filters with excellent RF performance in
terms of overall losses and selectivity. These filters along with additionally electro-
static discharge (ESD) and matching circuitry are included in one common multi-
band module [2], [3]. One further step to miniaturization is the implementation
of modules, which combine power amplifiers and the corresponding duplexers or
bandpass filters [4], [5]. The predominant technology for manufacturing this type
of modules is based on an LTCC (Low Temperature Co-fired Ceramic) multilayer
structure and flip-chip mounting [6], [7]. The overall dimensions of multi-band filter
modules have been reduced significantly by these manufacturing techniques [8], [9].

Since the emerge of 3G phones additional services like satellite based navigation
(GPS, Global Positioning System), wireless web access (IEEE 802.11 a/b/g), and
Bluetooth (IEEE 802.15.1) communication have been added. These new function-
alities are accompanied by further RF hardware blocks, since different frequency
bands have to be covered.

It becomes clearly evident, that new concepts for reconfigurable architectures
are needed in order to reduce the number of functional blocks within the front-
end. One interesting possibility is the introduction of tunable and frequency agile
subsystems, which add a tuning functionality. Tunable passive devices based on
ferroelectrics or microelectromechanical systems (MEMS) have been investigated
intensively over the last years. As a result of these efforts several implementations
have been reported. The majority of them concern passive circuits, such as fil-
ters [10], [11], [12], matching networks [13], [14], [15], [16], phase shifters [17], [18],
and baluns [19]. Concepts of adaptive antennas with tunable characteristics have
been reported as well [20], [21]. Additionally, active microwave circuits with tun-
able characteristics have been presented, like voltage controlled oscillators [22], [23]
and power amplifiers [24], [25], [26]. Despite the already proven potential and the
interesting possibilities of such approaches, so far the investigations have been car-
ried out mostly by academic research groups. Over the last years some work has
also been triggered by industrial parties [27], since the potential use of such circuits
in communication devices discloses a mass volume market.

Objective of this thesis is to provide a comprehensive understanding of the poten-
tial of tunable components in designing reconfigurable microwave circuits. Starting
from a discussion on their physical and electrical properties, novel concepts and
design methodologies of frequency agile microwave circuits are presented. In order
to pave the way towards complete system solutions all implemented prototypes are
investigated in terms of small and large signal performance. Additionally, one com-
plete subsystem solution of a reconfigurable transmitter topology will be discussed.
Operation in the system context with real world modulated signals is investigated
and verified on the basis of simulations and measurements, respectively. In this
work both types of elements, ferroelectric and MEMS-based components will be
discussed in the following Chapter 2. In Chapter 3 and 4 methodologies of design-
ing novel frequency agile subsystems such as filters, power dividers, and couplers
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will be presented. Finally, in Chapter 5 these concepts are verified by implemented
prototype boards based on ferroelectric thin-film varactors. All fabricated proto-
types are characterized in terms of small and large signal performance through
scattering parameter and two-tone measurements, respectively. In Chapter 6 a
concept for a reconfigurable front-end subsystem is presented. System parameters
such as linearity and modulation quality are addressed based on a simulation and
measurement setup with modulated signals.



2. Tunable Passive Components

In this chapter the focus lies on the discussion of tunable passive components and
their properties and potential for use in microwave circuits. There is a variety of
technologies and materials for the implementation of tunable passive components.
Among them, two have attracted significant attention over the last years, namely,
ferroelectric materials and microelectromechanical systems (MEMS). Both compo-
nent families will be discussed in this chapter in terms of their physical structure,
RF performance, and possible application in reconfigurable and tunable microwave
circuits.

2.1. Ferroelectric Varactors

Ferroelectricity, as a phenomenon concerning crystals which exhibit an electrical
field dependent polarization, was for the first time reported for Rochelle Salt1 in
the early 1920’s [28]. Since then, a vast number of ferroelectric materials have been
reported, investigated, and used in electric or electronic systems for many decades.
One field of application for ferroelectric components is the fabrication of memory
devices [29], such as dynamic random access memory (DRAM) elements [30], [31].
Ferroelectric properties have also been investigated for non-solid materials, such as
ferroelectric liquid crystals [32], [33]. These materials are well known from their
use in liquid crystal displays (LCD) and have an intermediate state between a crys-
talline solid and a normal isotropic liquid. As opposed to regular isotropic liquids,
these materials have a specific degree of molecular order and can be categorized in
different groups. Among them, the nematic phase liquid crystals exhibit electrical
properties similar to the ferroelectric solids. Such types of liquids have been used
in microwave systems, mostly for phase shifters [34] and electronically steerable
antennas [35]. Despite their potential for use in higher frequency ranges, they ex-
hibit a slow response to the electrical field variations. Nevertheless, the continuous
progress in processing and manufacture techniques have reinforced the interest of
researchers over the past years in particular for microwave applications.

Subject of this section will be the ferroelectric varactors which are based on
Barium-Strontium-Titanate (BST) as a dielectric material. Among the numerous
ferroelectric candidates, BST appears to be the most appealing one since it exhibits

1Rochelle Salt is the common description for sodium potassium tartrate tetrahydrate

NaKC4H4O64H20.

8
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Figure 2.1.: Perovskite type crystal of the general form ABO3.

high permittivity values and low intrinsic losses [36], [37]. BST is a composite
material, consisting of Barium- and Strontium-Titanate forming a mixed crystal of
the general form BaxSr(1−x)TiO3. The mixing ratio x has a significant impact on
the overall electrical properties since it determines the transition point between the
ferroelectric and the paraelectric phase within the crystal [38]. This mixed crystal
belongs to the Perovskite2 type structures and its geometry is depicted in Fig. 2.1.
It is a centrosymmetric, namely cubic, structure of the general form ABO3, where
A is a monovalent or divalent metal and B is a tetra- or pentavalent metal. The
atoms A, in this case Barium (Ba) or Strontium (Sr), are located at the cube
corners. The atoms B, namely Titanate Ti, are located at the body center while
the oxygen atoms O have their position at the face centers.

In absence of an external electrical field the perovskite type BST crystal remains
centrosymmetric and the small Titanate ion is located at the center of the cubic
structure. By applying an electrical field the Titanate ion is moved out of its sta-
ble position causing a nonlinear variation in the polarization of the material. This
movement is related to the applied electrical field and causes a field dependent be-
havior of the material. By moving the center atom out of its stable position, the
crystal becomes asymmetric which under certain conditions gives rise to noticeable
piezoelectric effects. The field and temperature dependent properties of this mate-
rial will be discussed on the basis of ferroelectric thin-film varactors in the following
section.

2Perovskite is a mineral with chemical formula CaTiO3 and belongs to the oxygen octahedra

crystals.
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Figure 2.2.: Ferroelectric thin-film varactor in a metal-insulator-metal (MIM) struc-
ture and top view of used BST varactor chips.

2.1.1. Thin-Film Varactors

In this work, ferroelectric thin-film varactors are used as tuning elements for de-
signing frequency agile microwave circuits. Thin-film varactors typically have the
structure of the well known parallel plate capacitor, as indicated in Fig. 2.2(a).
For this metal-insulator-metal (MIM) capacitor, the ferroelectric film of height
d=300 nm is located between the two metal electrodes. In this case, platinum (Pt)
is the electrode metal, which is covered by an additional aluminum (Al) layer.
Platinum is the most common choice for the electrode material, although it suffers
from low conductivity, since it can be easily sputtered on the BST surface and
annealed at high temperatures [39]. Different electrode materials, like copper and
gold, and layer configurations have been reported as well [40], [41] leading to similar
results. The choice of the electrode material is important in terms of the overall
component performance. Early observations made clear, that the dielectric loss is
influenced by the electrode material and the film thickness [42]. One approach aim-
ing to explain this effect is based on the so called dead-layer theory [43], [44], [45].
Core assumption is the presence of intense space charge fields near the interface
between ferroelectric material and metal electrode. The active area of the parallel
plate capacitor is furthermore covered with a protecting isolating layer. The whole
material stack is based on a ceramic alumina (Al2O3) substrate. In Fig. 2.2(b),
the top view of the actually used BST chips is presented. The active capacitor
area of the MIM varactor is highlighted with a box and indicates the very compact
dimensions which can be achieved. In this case, the zero bias capacitance is 5 pF.
The MIM capacitor occupies only a small portion of the whole chip area. The by
far larger portion is used for the electrode metalization and the pads. An electrical
field ~E is built by applying a bias voltage V on the electrodes. This field, which
is straight forwardly related to the bias voltage, alters the permittivity of the BST
film and can be described in a mathematical manner [46], [47]. For the discussed
parallel plate structure, the voltage dependent capacitance C (V ) can be described
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DUT

Probe
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Figure 2.3.: On-wafer measurement setup for characterizing the ferroelectric
varactors.

by a closed formula of the following form

C (V ) =
Cmax

2 cosh

(

2

3
sinh−1

(

2V

VCmax/2

))

− 1

. (2.1)

In (2.1), Cmax and VCmax/2 are the maximum capacitance and voltage where the
capacitance reaches 50 % of this value, respectively. The measurements were taken
with an Agilent E4991A RF impedance analyzer [48] for frequencies up to 3 GHz by
an on-wafer setup which is depicted in Fig. 2.3. An appropriate SOL (Short Open
Load) calibration [49] was performed prior to the characterization. A comparsion
between modeled and measured capacitance of a BST varactor for different bias
voltages is depicted in Fig. 2.4. The capacitance value C as well as the varactor
quality factor Q were extracted from the measured input admittance Y according
to the following set of equations.

C =
ℑ{Y }
2πf

(2.2)

Q =
ℑ{Y }
ℜ{Y } (2.3)

The maximum capacitance is always obtained at zero bias. For higher tempera-
tures the relative permittivity εr is decreasing, as predicted by the Ginzburg-Landau
theory [50], since the temperature in the crystal moves far away from the phase tran-
sition point. Therefore the obtained capacitance is reduced as indicated in Fig. 2.5.
At low temperatures a tunability, defined as (εrmax − εrmin)/εrmax, of more than
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60% is achieved at a bias voltage of 20 V. In contrast to that, the varactor quality
factor is increasing with rising temperatures, as shown in Fig. 2.6.
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Figure 2.4.: Modeled and measured capacitance of a BST varactor with a zero bias
capacitance of 5 pF.
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Figure 2.5.: Measured capacitance of a BST varactor with a zero bias capacitance
of 5 pF at different temperature conditions.
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Figure 2.6.: Measured quality factor of a BST varactor at zero bias for different
temperature conditions.

An additional phenomenon, that takes place when a bias voltage is applied, are
the induced acoustic resonances. The perovskite-type BST crystal is symmetric
in absence of an electrical field. By applying a bias voltage the crystal becomes
asymmetric, thus piezoelectric, and introduces a parasitic resonance to the layered
structure [51], [52]. In Fig. 2.7, at zero bias, the varactor quality factor Q is con-
tinuously declining over the operating frequency, as expected for a reactive element
such as a capacitor.

As opposed to that, in Fig. 2.8, for a bias voltage of 20 V, there is a clear drop in
the quality factor in the frequency region between 1.1 GHz and 1.5 GHz. This degra-
dation in the quality factor is exactly due to the induced piezoelectric effects within
the BST crystal. While for zero bias conditions the crystal structure is symmetric,
it becomes asymmetric upon an applied electrical field and thus introduces stress to
the crystal. The stress in the crystal structure causes a piezoelectric behavior which
is expressed in terms of a lateral acoustic resonance for the parallel plate structure.
The frequency allocation of this parasitic resonance depends on the acoustic prop-
erties of the electrode materials and the corresponding layer thicknesses [53], [54].
By comparing the modeled and measured quality factor curves good agreement is
obtained for the zero bias case, whereas for applied bias some deviation occurs in
the higher frequency range. The observed rise for the measured quality factors
above 2.5 GHz are most likely due to the associated antiresonance of the parallel
plate capacitor. This assumption becomes more reasonable by looking at the corre-
sponding curve at zero bias since no similar effect is witnessed. During the period
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Figure 2.7.: Measured and modeled quality factor of BST varactor with a zero bias
capacitance of 5 pF at zero bias.
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Figure 2.8.: Measured and modeled quality factor of BST varactor with a zero bias
capacitance of 5 pF at bias voltage 20 V.

of the research project considerable effort by our industrial partner, namely the
EPCOS AG, has been carried out in order to control this parasitic acoustic reso-
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Figure 2.9.: Measured DC leakage current over a time period of 1 h at bias voltage
of 20 V.

nance. As a result, the allocation of the resonance was placed in a frequency region
where no critical communication bands have to be covered. The majority of the
regulated communication bands are allocated around 0.8–1 GHz and 1.7–2.4 GHz.
In these frequency regions, the worst case quality factors were around 40 at the
higher frequency band. Although this is still a moderate performance, all circuits
which are investigated in this work have been dimensioned for this frequency range
around 2 GHz. The reason is simply the high density of regulated communication
bands which have to be covered in this frequency region. Designing frequency agile
and reconfigurable microwave circuits for these frequencies would be a step towards
the previously defined goal of reducing the radio front-end complexity. As already
stated before, the target application for reconfigurable microwave circuits is the
integration in mobile communication devices. Aspects such as power consumption
and voltage management are therefore of great significance. Theoretically the par-
allel plate structure has no power consumption since no static current is involved.
Nevertheless, some leakage current is always associated with such structures. The
transient response of the measured leakage current at the maximum bias voltage
is given in Fig. 2.9. The obtained response is in line with previously reported
data [55], [43]. Moreover, the polarization of the applied electrical field has an
effect on the resulting leakage current as has been shown also in [56].

Specifications concerning linearity performance have to be investigated, moreover
since for the discussed thin-film varactors DC and RF voltages are applied on the
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same path. In other words, the RF voltage swing across the varactor terminals is
somehow modulating the capacitance characteristic since a superposition of both
voltages takes place. This effect can be quantified by considering the simulation
setup of Fig. 2.10. An RF source produces a signal of certain power Pin and is fed
to a 1 pF BST varactor, which is shunted at the other end. Additionally a bias
voltage VBias is applied to the varactor. Components such as a DC-block capacitor
and one RF-choke inductor are used for establishing the proper biasing conditions.
As stated before, since the two signals are applied on the same varactor pads a
superposition of both voltages results in the overall voltage Vin which is present
across the tunable component. The amplitude of the RF signal that is added to
the bias voltage depends on the signal power Pin and the position of the component
within the network. Since the breakdown voltages of the investigated ferroelectric
varactors were determined to be higher than 30 V, care has to be taken when
operating at higher power levels. As indicated in Fig. 2.11, for rising power levels
the added RF voltage swing reaches significant levels and could cause damage to
the component. Furthermore, the superposition of both voltages causes somehow
a modulation of the varactor capacitance around its operating DC point. A time
variant varactor capacitance causes distortion and gives rise to nonlinear effects.
This mechanism will become even more severe when considering operation with non
constant envelope modulated signals. At this point it should be noted that a time
variant RF signal, which passes the varactor, will not increase instantaneously the
voltage swing according to the relation VRF ∝

√
P since the frequency is also an

important factor. Ferroelectric films exhibit time responses of several nanoseconds
[57] and thus will not reply immediately causing a variation of the permittivity.
Regardless of the response time, a certain degree of modulation will finally occur for
the varactor capacitance. This mechanism is the primary reason for the nonlinear
effects, which are associated with ferroelectric thin-film varactors.

One possibility to decrease these strong nonlinearities would be to design fer-
roelectric varactors with a smaller tuning ratio. Such components would exhibit
tuning curves with a reduced capacitance slope. Applying an RF signal of the same
power level to the varactor would produce smaller variations of the capacitance
value, thus reduced nonlinearities. Nevertheless, this technique has a significant
drawback which is caused by the reduced tuning ratio of the varactor capacitance.
As will become clear in the next chapters, a high tuning ratio is essential for design-
ing frequency agile and reconfigurable microwave circuits. A second more promising
technique is the cascaded connection as depicted in Fig. 2.12, which relies on the
simple voltage divider principle. By connecting several varactors in series and ap-
plying the proper biasing according to [58], an equivalent structure to Fig. 2.10 is
obtained. In a first approximation the bias feeding lines can be ignored since they
provide a high impedance path to the RF signal. Since the varactors are cascaded
the total capacitance of the structure is given as
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Figure 2.10.: Simulation setup of a 1 pF BST varactor with applied bias voltage
VBias and RF signal of power Pin.

1

Ctotal
=

1

C1

+
1

C2

+ . . .+
1

Cn
. (2.4)

In order to obtain the same equivalent capacitance as the original capacitor, the
individual capacitors must have n times the initial capacitance, thus

C1 = C2 = . . . = Cn = nC. (2.5)

The effect of the in series connected varactors is that the RF voltage is equally
distributed over the varactors, thus a reduced voltage Vser is resulting for each
individual element. In Fig. 2.13 the corresponding peak to peak voltage swing
for an RF power of 20 dBm drops to 2.5 V, compared to the value of 12.5 V in
Fig. 2.11. It becomes evident that cascading many capacitors leads to rapidly rising
capacitance values for the individual varactors. Nevertheless, for ferroelectric thin-
film varactors this is still feasible since the high capacitance density of the parallel
plate structure allows for implementations of large capacitances at considerably
compact dimensions. In practical implementations the biasing circuitry appears
to be more challenging since high impedance connections are needed. Finally, a
combination of the large capacitance values and the needed high impedance biasing
lines will introduce limitations to such structures.

A two-tone test (see Appendix B) was used in order to quantify the nonlinear
effects associated with this type of ferroelectric thin-film varactors. A comparison
between the experimental results and the simulation data provided by the equiv-
alent model from [59] is given in Fig. 2.14. Excellent agreement is obtained for
the fundamental tone while some deviation occurs for the intermodulation power
levels. In particular, for lower signal power levels the measured intermodulation
products exhibit a slope that differs from the simulated one. The expected inter-
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Figure 2.11.: Time domain response of input voltage Vin for an applied RF signal
of frequency f=2 GHz and varying RF power levels. The bias voltage
is set to VBias=20 V.
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Figure 2.12.: Simulation setup of a series combination of 5 pF BST varactors with
modified bias circuitry for applying VBias.
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modulation products should rise with a factor of 3 compared to the linear behavior
of the fundamental tone. This deviation for lower power levels is caused by the
limited dynamic range of the measurement setup. The overall RF and acoustic
behavior of BST thin-film varactors can be described by equivalent models, e.g.
with Van Dyke’s [60] and Butterworth’s [61] approach, thus allowing for accurate
linear and nonlinear simulations during the circuit design procedure. Having imple-
mented such equivalent circuit models in commercially available design tools is the
first step towards systematic investigations on frequency agile and reconfigurable
microwave circuits. In this work, the circuit model from [59] is implemented in
Agilent’s Advanced Design System (ADS), which serves as the design tool for the
microwave circuits, which will be discussed in the following chapters.

2.1.2. Interdigital Varactors

Besides the aforementioned parallel plate MIM structure, ferroelectric varactors
can also be fabricated as planar capacitors. The geometry which is used in that
case is based on the interdigital capacitor structure, as presented in Fig. 2.15(a).

Au

Au

Al2O3

BST

(a) Interdigital capacitor IDC

0V/m

8.4 105V/m

(b)
→

E Field distribution

Figure 2.15.: Planar interdigital capacitor processed on a ferroelectric thick-film
layer and the corresponding electric field distribution. Data computed
by 3D electromagnetic field simulation in Agilent’s EMDS tool.

Ceramic substrates are used as carriers for deposition of the ferroelectric bulk
material [62]. Metal electrodes, mostly Au metalizations, are then chemically
structured on the ferroelectric layer. A detailed description and investigation of
such components is given in [63]. As opposed to the parallel plate capacitor, the
electrical field is only partially passing through the ferroelectric material. Part of
it is distributed through the air gap between the finger electrodes as depicted in
Fig. 2.15(b). The wider spacing between the finger electrodes results in higher
DC bias fields, which have to be applied in order to reach field density values
which are comparable to the MIM capacitor. Bias voltages of approximately 100 V
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are required for such components while the tunability is still moderate, typically
around 30 %. Latest results demonstrated enhanced performance in terms of tun-
ability [64], as a consequence of coating the planar metal electrodes with polymer
filling materials such as Parylene. Moreover, the interdigital capacitors allow for
implementations with separated DC feed structures. Examples of such varactors
have been reported in [65] using high resistive electrodes. Higher bias voltages
along with the separated DC pads result in enhanced linearity performance for
this type of ferroelectric varactors. As drawbacks remain the overall high bias
voltages, which make the use in handheld devices hardly realizable. Moreover the
limited maximal capacitance values of 2 pF, which have been reported for these
components, introduce further limitations. Nevertheless, due to their good RF per-
formance and simple manufacturing technology they remain an attractive solution
for reconfigurable microwave circuits.

2.2. Microelectromechanical Systems – MEMS

Microelectromechanical systems became practical with the continuous progress wit-
nessed in the fabrication of integrated circuits (IC). The ability to process structures
on a micrometer scale by techniques of photolithography and chemical etching [66]
disclosed a new field of applications, namely the micromachinery. Opposed to two
dimensional surface structures of conventional IC’s, microelectromechanical struc-
tures are based on three dimensional components. For this purpose two processing
procedures were introduced, namely bulk- and surface micromachining [67]. Bulk
micromachining concerns the creation of mechanical structures in the wafer bulk
rather than on its surface. This is achieved by selectively removing some parts of
the wafer or substrate material. However, more advanced techniques have been
recently developed which are based on surface micromachining and a process called
LIGA (Roentgen LIthografie Galvanik Abformung) [68]. MEMS components are
inherently associated with mechanical movement, thus the actuation mechanism
has a significant contribution to the overall behavior. The most common actuation
mechanisms are based on electrostatic forces [69] and piezoelectric effects [70], [71].
Reliability is one important issue associated with MEMS devices since mechanical
movement is involved. Switching cycles in the order of magnitude 109 have been re-
ported, as well as operation with high power levels [72]. All of the aforementioned
techniques introduced a whole new family of components based on a microelec-
tromechanical approach. The most common structures that have been presented
are inductors [73], [74], switches [75], [76], actuators [77], and varactors [78], [79],
which will be the subject of investigation in the following section.
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2.2.1. MEMS Varactor

The varactor component, which will be investigated in this work, is a rather macro
scale electromechanical varactor from Siemens Corporate Technology in Munich
and it comprises of a piezoelectrically actuated cantilever structure, as shown in
Figs. 2.16 and 2.17. Construction details are presented in [80]. The whole layer
stack is based on a ceramic substrate (LTCC) and a conductive path is provided
through vias to the backside of the LTCC substrate.

RF Port 1 RF Port 2

VRF

VBias

Bond wires

Dielectric

Cantilever

10mm

6mm

0.
5m

m

Figure 2.16.: Cantilever MEMS varactor.

Port 1

Port 2

LTCC

Cantilever

Bond wires
via

Figure 2.17.: Photograph of the MEMS varactor test board and magnified top view.

The upper electrode includes lead-zirconate-titanate (PZT) material and forms
a cantilever which bends down due to piezoelectric activation. The tuning voltage
VBias can be varied between 0 and 200 V, corresponding to an air gap in the range
of 20 and 0µm between the top and bottom RF electrodes, which are directly
attached to the two RF ports. That means increasing the tuning voltage leads
to larger bending and thus a smaller gap resulting in increased capacitance. By
that a continuously tunable varactor is obtained. Besides this wanted piezoelectri-
cal actuation there is a secondary unwanted electrostatic actuation caused by an
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electrostatic force between the two RF electrodes forming the capacitance. By ap-
plying a large RF voltage, a parasitic electrostatic force pulling down the cantilever
is found. As this force is proportional to V 2

RF it is always pulling down. This mech-
anism of self actuation by the carried RF signal is the main cause for nonlinearities
in the RF path of the varactor. Electrostatic forces tend to be much smaller than
piezoelectric ones, leading to very minor bending of the cantilever. The cantilever
can also be treated as a mechanically oscillating system associated with a moving
mass, a spring constant and damping by the air in the gap. From analysis of the
mechanical dynamic properties a mechanical resonance frequency around a few kHz
is found. For any wideband modulated signal that has larger bandwidth than the
mechanical resonance, e.g. UMTS with 5 MHz channels, the nonlinear distortions
due to self actuation are very low. The inertia of the mechanical system is too
high to follow the fast envelope fluctuations. The highest capacitance is observed
when the cantilever is most down and facing the dielectric layer that is capping
the lower RF electrode. A parallel plate capacitor with distance dk equal to the
thickness of the dielectric capping layer, εk of the capping layer and area A equal
to the electrode size of 1 mm2 is formed. The capacitance can be expressed as

C =
εkε0A

dk
. (2.6)

Due to separation of the RF signal and the bias path it is possible to use the varactor
in series configurations without additional circuitry such as bias-tees. This is a nice
feature since this type of components would contribute to a degradation of the RF
circuit performance.

Designing high performance microwave circuits is impractical without having
appropriate models, which can be used in commercially available design tools. In
our case we use Agilent’s Advanced Design System (ADS) for implementing an
equivalent circuit model, as in [59]. The core element of the proposed model is
the symbolically defined device (SDD), as it is available in the ADS library. These
SDD objects are powerful elements since they allow for implementation of equation
based, user defined, nonlinear, and frequency dependent components as in [81], [82].
They can be used as multi-port elements and describe the relationship between port
voltages and associated currents and their time derivatives along with currents from
other devices. For an SDD device with n ports, the current at any port can be
described in dependence of all other port voltages, as

i = f(v1,v2,...,vn), (2.7)

where f is a user defined function. In case of the investigated MEMS varactor the
overall capacitance is described as

C =
ε0A

dk
εk

+ g + z
. (2.8)



24 2. Tunable Passive Components

In (2.8) the denominator includes all parameters which determine the cantilever
movement and thus the distance between the two capacitor electrodes. The air gap
g is directly proportional to the applied bias voltage and can be described by the
following relation

g = gmax − (VBias + aVRF )b. (2.9)

The constant a accounts for the crosstalk between the RF and DC path, while b is
a constant determined by the cantilever geometry. The parameter z stands for the
vertical movement of the cantilever tip and is related to the mechanical properties
of the cantilever electrode. Considering the cantilever motion as a system with
a single degree of freedom, allows for a simple representation with a differential
equation of the following form [83].

Mz̈ +Dż +Kz = Fel(t) (2.10)

In (2.10) M is the moved top electrode mass, D is the damping constant, K the
stiffness parameter, and Fel(t) the parasitic actuating force. In this case, Fel is
the electrostatic force. For a parallel plate capacitor with applied voltage VRF , the
stored energy is given as

W =
1

2
C0V

2
RF , (2.11)

where, in this case the capacitance is C0=ε0A/((dk/εk) + g) and the associated
electrostatic force is then

Fel(t) =

∣
∣
∣
∣
∣

dW (t)

dg

∣
∣
∣
∣
∣
=

ε0AV
2
RF

2(dk/εk + g)2 . (2.12)

Combining (2.9), (2.12) and (2.8) yields to the expected relation between bias
voltage, cantilever movement, and the resulting capacitance variation.

RF Port 1

RF Port 2

Bias

Lvia

Lvia

Ltop

C

z

Figure 2.18.: Implemented MEMS varactor model using an ADS SDD element [84].

The implemented model using an ADS SDD element is depicted in Fig. 2.18. Both
RF ports are connected through inductive elements to connector pair 1 of the SDD.
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The lumped inductances account for the top electrode and the vias connections.
The formed air gap and its relation to the applied bias voltage and RF signal
according to (2.9) is formed at connector pair 3. Connector pair 2 of the SDD
element is used for describing the cantilever movement parameter z, according to
(2.10) and (2.12). Finally, at connector pair 4 of the SDD the overall varactor
capacitance is described as in (2.8), taking into account all the aforementioned
effects. Expressed in an ADS syntax the corresponding set of equations for the
SDD element have the following form.

I[1,1]=_v1*i_4

F[2,0]=(0.5*eps0*A/(d_k/eps_k+i_3)^2)*_v1^2

F[2,0]=k*_i2

F[2,1]=gamma*_i2

F[2,2]=M*i_2

H[2]=-4*Pi^2*freq^2

F[3,0]=gmax-((_v3+a*_v1)*b)-i_3)

F[4,0]=eps0*A/(d_k/eps_k+i_2+i_3)-i_4

The MEMS component was characterized by scattering parameter measurements
which were taken with a vector network analyzer (VNA). The capacitance C of the
varactor as well as its quality factor Q were calculated from the measured reactance,
according to the relations

C =
ℑ{Y21}

2πf
(2.13)

Q =
ℑ{Y21}
ℜ{Y21}

(2.14)

where Y21 is the admittance of the transmission path. For the capacitance variation
a comparison of measured and simulated data for different bias voltages is presented
in Fig. 2.19. A large tuning ratio of more than 5:1 reveals the potential of using
this element in tunable microwave circuits. The SDD model parameters were fitted
appropriately to the measured reactance data of the varactor, leading to accurate
modeling for the investigated frequency range, as indicated in Fig. 2.20. The good
agreement qualifies the model for use in circuit simulations for designing microwave
circuits with tunable or reconfigurable characteristics.

The measured quality factor values are displayed in Fig. 2.21 for different bias-
ing conditions. Large fluctuations in the measured Q factors, especially for values
greater than 70, are due to the limited capabilities of the network analyzer. For
increasing quality factors the uncertainty of the network analyzer causes great vari-
ations. As it is readily seen, rapid degradation of the quality factor is taking place
for higher frequencies. This is caused by the self resonance effect which occurs in
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Figure 2.19.: Measured and modeled capacitance of cantilever varactor.

the frequency region below 1 GHz. The intrinsic self resonance of the varactor is
expected to be at higher frequencies since the reference plane of the measurement
setup included feeding microstrip lines of the test board as depicted in Fig. 2.17.
Nevertheless, at lower frequencies the obtained quality factors allow for implemen-
tations of microwave circuits with reconfigurable or tunable characteristics.
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Figure 2.20.: Measured and modeled scattering parameters of MEMS varactor.
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Figure 2.21.: Measured quality factor of MEMS varactor at different bias voltages.

Besides the capacitance variation and the frequency dependence, the varactor has
to be characterized for its power handling capabilities. As can be seen in Fig. 2.22
the varactor performance can be described by the proposed model thus allowing
for complete system investigations in circuit simulation tools at an early design
stage. The MEMS varactor implies a mechanical movement of the piezoelectric
cantilever as described in (2.10). This mass electrode system is characterized by
a certain inertia. The electrostatic force Fel is ruled by the applied RF signal
and its frequency, thus the cantilever movement will be also frequency dependent.
Applying two sinusoidal tones of the following form VRF sin(ω1t) and VRF sin(ω2t),
would result according to (2.12) in an electrostatic force

Fel(t) ∝ (VRF sin(ω1t) + VRF sin(ω2t))
2 (2.15)

∝ V 2
RF [sin2(ω1t) + sin2(ω2t) + 2 sin(ω1t) sin(ω2t)] (2.16)

∝ V 2
RF [sin2(ω1t) + sin2(ω2t) + cos(ω1t− ω2t)− cos(ω1t+ ω2t)](2.17)

which depends on the tone distance. This relationship is investigated by the simu-
lated data in Fig. 2.23. Varying the tone distance of a two-tone excitation, results
in different frequencies for the mechanical cantilever movement. The resulting vary-
ing air gap of the MEMS varactor causes a modulation of the capacitance value
and gives rise to intermodulation products. For both applied bias states there is a
peak at 2.2 kHz where the cantilever movement reaches its resonance. For use in
communication systems this condition should be rarely met, since the correspon-
ding channel bandwidths are much wider. Therefore, interfering or blocking signals
are unlikely to have such a narrow spacing which would cause high intermodula-
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Figure 2.22.: Measured and modeled power handling of MEMS varactor at tone
frequency of 850 MHz.

tion products. The excellent linearity provided by minimal self actuation effects
qualifies the component for use in high power applications.

For the experimental verification a two-tone setup around the center frequency
of 835 MHz with a tone distance of 5 MHz was selected. The measured response for
the fundamental output tone and intermodulation products is depicted in Fig. 2.24.
It is noteworthy that the measured power levels of the 3rd order intermodulation
products are very low at all investigated bias states. As a result, they hardly exceed
the noise level of the measurement setup, thus they can not be traced properly over
the entire sweep range. The resulting intermodulation products are at least 70 dB
lower than the fundamental tone over the whole power sweep range. It is evident
that this cantilever MEMS varactor is very well suited even for high power mi-
crowave circuits since it exhibits excellent linearity [85]. Compared to ferroelectric
varactors, the investigated MEMS element has a much higher tuning range while
exhibiting even better linearity [86], [87]. This becomes even more evident when
comparing these results with the previously discussed data of Fig. 2.14. At the
same time, the high tuning voltages and the overall large component dimensions
have to be considered as drawbacks compared to other technologies, namely ferro-
electric components, which have a much higher potential for integration in mobile
devices. Nevertheless, the overall performance in terms of capacitance tuning ratio
and linearity performance qualify this type of MEMS varactor for designing recon-
figurable microwave circuits with enhanced linearity specifications. Although the
utilization in handheld devices appears to be impractical, the MEMS varactor is
still an attractive solution for stationary devices with high power applications.
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Figure 2.23.: Simulated data of the intermodulation product power levels for a two-
tone excitation with varying tone distances. The per tone power level
was set to a constant value of 20 dBm.
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Figure 2.24.: Measured power levels of fundamental tone and 3rd order intermo-
dulation product (IM) for a two-tone setup with a center frequency
of 835 MHz and a tone distance of 5 MHz. The applied bias voltage
is VBias=100 V.



3. Frequency Agile Filters

The focus in this chapter lies on the principles of microwave filter design with
lumped and distributed components. The potential of achieving frequency agile
behavior based on tunable passive elements, as presented in Chapter 2, will also
be addressed. Microwave filters have been used extensively in various applications
over the last decades. The most obvious application is the rejection of unwanted
signals in a specific frequency band, while allowing for a good transmission within
the passband frequencies. Some basic filter structures, namely low-, high-, band-
pass and bandstop filters, are the core structures for designing even more complex
networks.

3.1. Network Synthesis Method

Numerous filter design techniques have been introduced since microwave filters
have been investigated heavily over many years. Among all, the network synthesis
method [88] appears to be the most appealing one, because it yields predictable
network responses. In this section, this synthesis method is applied to the general
lowpass filter structure depicted in Fig. 3.1. In this filter structure, g0 and gn+1 are

g0

g1

g2

g3

g4

gn

gn+1

Figure 3.1.: General lowpass filter prototype.

the source and load conductances. For the general case these values are set to 1 Ω−1,
since the filter is designed for a port impedance of 50 Ω. The parameters gk, where
k=1...n, are the series inductances or the shunt capacitances. These values depend
on the type of the selected transfer function. The most common type of functions
are the maximally flat, also called Butterworth, and the Chebyshev type. The
attenuation profile over the bandwidth of interest is described by the following set of
equations. For a Butterworth characteristic, the frequency dependent attenuation

30
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A(ω) can be described mathematically as

A(ω) = 10log10

[

1 + ǫ
(
ω

ω1

)2n
]

(3.1)

ǫ = 10(Ar
10

) − 1. (3.2)

In the above equations, n is the filter order and Ar the attenuation level which
is specified within the passband up to the corner frequency ω1. For the same
parameters, the attenuation profile of a Chebyshev filter is given as

A(ω) = 10log10

{

1 + ǫ cos2
[

n cos−1
(
ω

ω1

)]}

, ω ≤ ω1 (3.3)

A(ω) = 10log10

{

1 + ǫ cosh2
[

n cosh−1
(
ω

ω1

)]}

, ω ≥ ω1 (3.4)

ǫ = 10(Ar
10

) − 1. (3.5)

The obtained response for these filter types is illustrated in Fig. 3.2. Although both
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Figure 3.2.: Calculated attenuation profile for Butterworth and Chebyshev filter
prototypes with the same corner frequency ω1, passband attenuation
Ar=1 dB, and filter order n=5.

filters have the same level of attenuation within the passband they exhibit a quite
different behavior. The Chebyshev filter introduces ripple for the propagated signal
in the passband compared to the Butterworth filter which has a smooth passband
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profile. On the other hand, Chebyshev filters have a much steeper stopband tran-
sition leading to higher rejection of unwanted signals in the stopband region. The
choice of the proper filter characteristic depends on the final application. Once this
decision is made, e.g. for a Chebyshev type characteristic, the network element
values can be derived from the following tables.

Order n g1 g2 g3 g4 g5 g6
1 0.6986 1.0000 – – – –
2 1.4029 0.7071 1.9841 – – –
3 1.5963 1.0967 1.5963 1.0000 – –
4 1.6703 1.1926 2.2661 0.8419 1.9841 –
5 1.7058 1.2296 2.5408 1.2296 1.7058 1.0000

Table 3.1.: Normalized element values for Chebyshev filter having g0=1, ω1=1, and
passband ripple 0.5 dB, according to [88].

Order n g1 g2 g3 g4 g5 g6
1 1.0177 1.0000 – – – –
2 1.8219 0.6850 2.6599 – – –
3 2.0236 0.9941 2.0236 1.0000 – –
4 2.0991 1.0644 2.8311 0.7892 2.6599 –
5 2.1349 1.0911 3.0009 1.0911 2.1349 1.0000

Table 3.2.: Normalized element values for Chebyshev filter having g0=1, ω1=1, and
passband ripple 1 dB, according to [88].

These normalized component values can be scaled for the desired corner fre-
quency ω and system impedance R0 according to the following set of equations.
For resistances respectively conductances

R =
R0

g0
= R0 , G =

1

g0R0

=
1

R0

(3.6)

while for inductances

L =

(

R0

g0

)(
ω1

ω

)

Ln =
R0

ω
gn (3.7)

and finally, for capacitances the formula is given as

C =
(
g0
R0

)(
ω

ω1

)

Cn =
ω

R0

gn. (3.8)

In (3.7) and (3.8), the parameters Ln, Cn represent the normalized values obtained
from the above tables for the nth network element.
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3.2. Transformations with Lumped Components

The methodology presented in the previous section is a synthesis method which
can be used as a basis for designing other type of filters as well. The topology in
Fig. 3.1 can be adapted by appropriate transformations resulting in a bandpass or
bandstop filter, according to Fig. 3.3. An example of a bandpass filter topology
with passband corner frequencies ω1 and ω2, is depicted in Fig. 3.4.
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C

1
ω1L

1
ω1C

L
ω0∆

∆
ω0L

∆
ω0C

C
ω0∆

L∆
ω0

1
ω0L∆

1
ω0C∆

C∆
ω0

Lowpass Highpass Bandpass Bandstop

Figure 3.3.: Prototype Filter Transformations.

g0 g6

C1L1

C2 L2

C3L3

C4 L4

C5L5

Figure 3.4.: General 5th order bandpass filter prototype.

As it is readily seen, the series inductive branches from Fig. 3.1 have been replaced
by series LC resonators while the shunt capacitive branches are replaced by parallel
LC resonators. For the shunt resonators, the reactive elements can be calculated
according to the expression

Yi = ω0Ci =
1

ω0Li
=
gi
∆
, for i = 2,4 (3.9)

while for the series resonators the reactance is given as

Zj = ω0Lj =
1

ω0Cj
=
gj
∆
, for j = 1,3,5. (3.10)



34 3. Frequency Agile Filters

0 0.5 1 1.5 2
0

5

10

15

20

25

30

35

40

Normalized Frequency

A
tte

nu
at

io
n 

(d
B

)

Figure 3.5.: Calculated attenuation profile for Chebyshev bandpass filter with frac-
tional bandwidth ∆=0.2, filter order n=5, and passband attenuation
Ar=1 dB.

In (3.9) and (3.10), ω0=
√
ω1ω2 is the center passband frequency, ∆=(ω2 − ω1)/ω0

the fractional bandwidth, and gi, gj the filter prototype coefficients of the lowpass
prototype. Substituting the normalized frequency ω/ω1, in (3.4), with the following
expression

ω

ω1

=
1

∆

(
ω

ω0

− ω0

ω

)

, (3.11)

results in a response as indicated in Fig. 3.5. Selecting the appropriate parameters
for the center frequency, fractional bandwidth, attenuation level, and filter order
allows for designs of a filter with total control of its response.

The same methodology is applicable to a bandstop filter, which has the general
form of Fig. 3.6. The reactance parameters of the series and shunt branches can be
calculated, as in the case of the bandpass filter, from (3.9) and (3.10). Calculating
the attenuation profile of the resulting bandstop filter is achieved by substituting
the normalized inverse frequency ω1/ω, in (3.4), with the following expression

ω1

ω
=

1

∆

(
ω

ω0

− ω0

ω

)

. (3.12)

This type of bandstop filter would exhibit an attenuation profile as in Fig. 3.7. In
the same way as for the previously discussed bandpass filter, this design method-
ology results in filter circuits with predictable responses.
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Figure 3.6.: General 5th order bandstop filter prototype.
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Figure 3.7.: Calculated attenuation profile for Chebyshev bandstop filter with frac-
tional bandwidth ∆=0.2, filter order n=5, and passband attenuation
Ar=1 dB.

As can be seen by the discussed prototype filters they have some common struc-
tures, namely resonators either as series or shunt LC branches as indicated in
Fig. 3.8. The resonance frequency of such structures can be expressed directly as
f = 1/(2π

√
LC). By introducing a tunable capacitive element, like the ones dis-

cussed in Chapter 2, a tuning functionality is achieved. Changing the capacitance
C results in shifting the resonance frequency f . Assuming a tunability, defined as
(Cmax − Cmin)/Cmax, of 60 % which is typical for the used ferroelectric varactors
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(a) Series LC resonator
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(b) Shunt LC resonator

Figure 3.8.: Lumped element resonators with tunable capacitances; a) Series LC
branch and b) Shunt LC branch.
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Figure 3.9.: Calculated transmission S-parameter S21 of shunt type LC resonator
for two discrete capacitance values with assumed tunability of 60 %.

would result in a frequency ratio of

fCmin
fCmax

=

√

Cmax
Cmin

=

√

Cmax
0.4Cmax

=

√

1

0.4
≈ 1.6. (3.13)

The calculated transmission response of a shunt type resonator for two discrete
capacitance values is depicted in Fig. 3.9. Combining several of those tunable
resonator segments would result in bandpass or bandstop filters with tunable char-
acteristics.

3.3. Transformations with Distributed Components

Lumped element filters, as they have been discussed in the previous section, perform
well at lower frequencies. However as frequencies move into the microwave range
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constraints arise since the lumped components can not be realized anymore. Main
reasons are due to self resonance effects of lumped components and the low quality
factors. As an example, the reflection coefficient of commercially available surface
mount devices (SMD) is plotted over frequency in Fig. 3.10. As can be seen,
both type of elements exhibit a resonance for higher frequencies, which is noticed
by a change in the reactance. Considering the Smith chart representation of the
reflection coefficient, it is visible that the reactance changes its behavior at the point
of the self resonance frequency. An initially inductive element becomes capacitive
and vice versa. The allocation of the resonance frequency depends on the intrinsic
reactance and the component dimensions which determine the parasitic effects.
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Figure 3.10.: Input reflection coefficient |Γ| of SMD type components for a fre-
quency range up to 7 GHz; a) Murata GJM 0201-series 5 pF capacitor
and b) Murata LQW 0402-series 12 nH inductor.

As a result, the quality factor near the resonance frequency drops dramatically
while the inductive and capacitive impedances reach their maximum respectively
minimum value. In other words, the implementation of microwave circuits at higher
frequencies becomes impractical with lumped components since their performance
degrades noticeably. As an alternative, lumped components can be substituted by
their equivalent transmission line segments using the Richards transformation [89].
The transformation uses following expression

Ω = tan(βl) = tan

(

ωl

up

)

, (3.14)
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where Ω is an auxiliary frequency plane which repeats with a period of ωl/up=2π.
Using the mapping technique of (3.14) yields the equivalent transmission line struc-
tures, which are presented in Fig. 3.11. The reactance of an inductor can be written
as

jXL = jΩL = jL tan(βl), (3.15)

while the susceptance of a capacitor can be expressed as

jBC = jΩC = jC tan(βl). (3.16)

The results from (3.15) and (3.16) indicate that an inductor can be replaced by a
short circuited stub of characteristic impedance L, while a capacitor can be replaced
by an open circuited stub of characteristic impedance 1/C. Both transmission line
segments have an electrical length of βl. All values for L and C refer to the
prototype element values of the previous sections. As discussed for the general
lowpass structure in Section 3.1, the normalized cut-off frequency was set to 1. In
order to obtain the same normalized frequency, the Richards transformation leads
to the condition

Ω = tan(βl) = 1, (3.17)

which results in a stub length of l = λ/8, as indicated in Fig. 3.11.

jXLjXL L

C jBCjBC

λ/8

λ/8

Z0 = L

Z0 = 1/C

short circuit S.C.

open circuit O.C.

Figure 3.11.: Richards’s transformations for lumped components.

Applying the aforementioned transformations to the 5th order lowpass filter of
Fig. 3.1, results in a topology with distributed elements as depicted in Fig. 3.12.
A comparison between the lowpass response for a lumped element and distributed
filter, with the same cut-off frequency, is presented in Fig. 3.13. It is readily seen,
that although both filters have almost identical network zeros, thus an equivalent
passband performance, they have different performance in the stopband region.
The distributed filter exhibits a much steeper pass- to stopband transition, leading
to higher stopband rejection. At the same time, the periodicity of the transmission
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line segments is resulting in a second passband region which occurs at the third
harmonic of the cut-off frequency. Additional parameters which have to be taken
into account are the overall circuit dimensions. Lumped element filters consisting
of SMD type components can be designed to be very compact. Equivalent filters
with distributed components have much larger dimensions since each transmission
line segment has an electrical length of approximately λ/8.

Port 1 Port 2

SC1 SC3 SC5

OC2 OC4

Figure 3.12.: 5th order lowpass filter with distributed elements.
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Figure 3.13.: Calculated response for equivalent 5th order lowpass filters with
lumped and distributed components.

Whether the implementation is realized with lumped or distributed components,
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finally is a question of the target application. For higher frequencies, where lumped
components are impractical or degrade quickly, the distributed element approach is
advantageously. On the other hand, for low frequencies lumped element implemen-
tations seem to be the better choice. A further important issue concerning filter
design for microwave communication systems is the power handling capability of
such circuits. When considering operation in high power systems, such as base
station architectures, filter topologies based on waveguides appear to be the most
suitable ones. High power handling capabilities and resonator quality factors with
an order of magnitude of 104 lead to unsurpassed performance. The overall bulky
dimensions and increased weight of such filter structures have to be considered as
drawbacks. Nowadays, tuning of base station multiplexers or bandpass filters is
achieved by using stubs which are inserted in waveguide resonator branches and
are controlled by step motors. Alternatively, tunable elements such as the previ-
ously discussed ferroelectric- or MEMS-varactors could be used, leading to much
higher integration levels.

In the following sections some filter topologies will be proposed, which are based
on tunable passive elements. The main objective of these sections is to provide
detailed design procedures, which lead to predictable network performances. By
introducing the tunable elements an additional functionality is inserted, namely
tunable or reconfigurable characteristics. The proposed filter networks of the fol-
lowing sections will be later on presented as prototype boards. The implementation
of these circuits and their RF performance will be discussed in a separate chapter.

3.4. Lowpass Filter

Lowpass filters in various implementations are used in a large number of applica-
tions. Especially in transceiver architectures they can be used as output stages of
power amplifiers. Their main objective is to allow for good transmission within their
passband and attenuate the harmonic frequencies which may occur in the trans-
mitter. The schematic of a tunable 5th order Chebyshev lowpass filter is shown
in Fig. 3.14, where the initial capacitors were substituted by BST varactors. The

C2 C4

L1 L3 L5Port 1 Port 2

Figure 3.14.: Tunable 5th order lowpass filter with L1=L5 6=L3 and C2=C4=C.
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values for the reactive elements can be derived, e.g. from table (3.1), depending
on the target filter performance as discussed in the previous sections. By scaling
these prototype values for the system impedance Z0 and operating frequency ω
the final reactive element values are obtained. In a first approximation additional
biasing components such as DC-block capacitors and RF-choke inductors, as they
are typically needed in order to establish the proper biasing conditions for the fer-
roelectric varactors, will be neglected. Their contribution and use in the circuit will
be addressed later on when the prototype boards and their fabrication is discussed.
Computing the network ABCD parameters, as described in Appendix A, results
in simply multiplying the chain matrices for all series and shunt branches.

Mi=1,3,5 =

[

A B
C D

]

=

[

1 Zi
0 1

]

(3.18)

Mj=2,4 =

[

A B
C D

]

=

[

1 0
Yj 1

]

(3.19)

All series branches with inductive elements of impedance Zi=pLi can be represented
with the chain matrix in (3.18). Respectively, all shunt branches with capacitive
elements of admittance Yj=pCj can be described with the chain matrix in (3.19).
In both cases, p=ω is the complex angular frequency. The resulting ABCD matrix
Mtotal=M1 ·M2 ·M3 ·M4 ·M5 is used to calculate analytically the transmission
and reflection scattering parameters of the network. For port impedances of Z0,
the ratio between reflection and transmission S-parameters is given as

S11(p)

S21(p)
=

1

2Z0

p5L2
1L3C

2 + (3.20)

p3(
1

Z0

L2
1C +

1

Z0

L1L3C −
Z0

2
L3C

2) +

p(−Z0C +
1

2Z0

L3 +
1

Z0

L1).

The resulting conjugate complex zeros, which are the roots of the polynomial, are
located at z1=0 and

z2 = ω2 = ±
√

2CL3(−2L1L3 − 2L2
1 + Z2

0CL3 + α)

2CL1L3

(3.21)

z3 = ω3 = ±
√

2CL3(−2L1L3 − 2L2
1 + Z2

0CL3 − α)
2CL1L3

(3.22)

with the constant α given as

α =
√

−4L1L2
3Z

2
0C + 4L4

1 + 4L2
1L3Z2

0C + L2
3Z

4
0C

2. (3.23)
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Figure 3.15.: Calculated S-parameters for an ideal 5th order lowpass filter with
C=3 pF, L1=L5=6.8 nH, and L3=12 nH.
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Figure 3.16.: Calculated S-parameters for an ideal 5th order lowpass filter with
L1=L5=6.8 nH, L3=12 nH, and two discrete capacitance values with
a ratio of (Cmax − Cmin)/Cmax=0.4.
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These three discrete frequency points, where the reflection tends toward zero, are
readily seen in the calculated response of an ideal filter in Fig. 3.15. The frequency
response of the filter can be altered by changing the capacitance value C and thus
shifting the network zero locations. An example for the achievable tuning range, as-
suming a tunability of 60 % for the BST varactors, is demonstrated in Fig. 3.16. For
real implementations a performance degradation is expected, since the calculations
apply for lossless elements and ignore additional biasing components. Nevertheless,
the potential of implementing a frequency agile filter is clearly demonstrated. Such
filters can be used in multi-band transceivers of mobile radios in order to serve as
an output filter for the power amplifier. Each supported frequency band could be
covered separately since the BST varactors allow for a continuous tuning. Each
bias setting would result in a different operating frequency.

3.5. Notch Filter

Bandstop or notch filter topologies can be derived from the discussed lowpass pro-
totypes by a simple substitution of the shunt capacitive branches with series LC
resonators. The series inductive branches are then substituted by parallel LC res-
onators. A second order tunable bandstop filter is depicted in Fig. 3.17. Two
cascaded capacitors are used, instead of a single one, in order to simplify the bias
supply and avoid additional DC-block capacitors.

C2a

C2b

L1

L2

Port 1 Port 2

Figure 3.17.: Tunable bandstop filter with cascaded BST varactors C2a=C2b=C.

Applying the same principle as before, the transfer function of the network can
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Figure 3.18.: Calculated S-parameters for an ideal notch filter with C=6 pF and
L1=L2=2.7 nH.

be computed by multiplying the individual ABCD matrices.

M1 =

[

A B
C D

]

=

[

1 0
Y1 1

]

(3.24)

M2 =

[

A B
C D

]

=

[

1 0
Y2 1

]

(3.25)

The overall network transfer function is Mtotal=M1 ·M2. In (3.24) the shunt ad-
mittance in the first branch is Y1=1/(pL1) whereas in (3.25) the admittance of
the second branch is calculated, from the series combination of the inductor and
the two cascaded capacitors, as Y2=1/[2/(pC) + pL2]. The analytical expressions
for the reflection and transmission S-parameters can be calculated from the overall
ABCD matrix of the network. For port impedances of Z0, the ratio between them
is then given as

S11(p)

S21(p)
= −Z0

2
·

2 + p2C(L1 + L2)

pL1(2 + p2L2C)
. (3.26)

Network parameters such as poles and zeros are readily extracted from (3.26).
The conjugate complex network zeros, which are the roots of the numerator, are
located at

z1 = ω1 = ±
√

−2/[(L1 + L2)C]. (3.27)

The corresponding conjugate complex poles, which are roots of the denominator,



3.6. Bandpass Filter 45

0 0.5 1 1.5 2 2.5 3 3.5
−60

−50

−40

−30

−20

−10

0

M
ag

ni
tu

de
 (

dB
)

Frequency (GHz)

 

 

S
21

S
11

Cmax Cmin

Figure 3.19.: Calculated S-parameters for an ideal notch filter with L1=L2=2.7 nH
and two discrete capacitance values with a ratio of (Cmax −
Cmin)/Cmax=0.4.

are located at p1=0 and

p2 = ω2 = ±
√

−2/(L2C). (3.28)

Changing the capacitance value C results in shifting the zero and pole frequency
and thus the pass- and stopband allocation respectively, as illustrated in Figs. 3.18
and 3.19. As it is readily seen from Fig. 3.19, this notch filter is suitable for multi-
band operation since it covers the most relevant frequency bands from 1.7 GHz to
2.7 GHz. Shifting the notch frequency could be used in order to suppress crosstalk
effects within the receiver or to block strong interfering signals. These unwanted
scenarios reduce the sensitivity of the receiver and thus the overall radio front-end
efficiency. Again, a real implementation with lumped finite-Q elements would result
in performance degradation. This type of filter, in combination with the previously
described lowpass filter which exhibits a comparable tuning range, could be used
in front-end architectures in order to ensure a band selective and reconfigurable
operation.

3.6. Bandpass Filter

Bandpass filters represent probably the most significant filter group since they
are used in the majority of communication systems. In front-end architectures,
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Port 1 Port 2

CC

l

Figure 3.20.: Combline bandpass filter topology.

whether for mobile or base station devices, bandpass filters are the first filter stage
and usually they are located right after the antenna port. Among the possible
candidates for distributed filters with relative narrow passbands the combline type
filter [88] is a very popular one and is the topology of choice for this work. The
operating principle is based on loading coupled transmission line resonators with
capacitive elements and thus reducing the electrical length of the resonator. A
detailed description of the tuning mechanism of such filters is given in [90]. An
example of a combline filter topology is presented in Fig. 3.20. The resonators
consist of microstrip line segments, which are short circuited at the lower end and
terminated at the other end with lumped capacitive elements. Using this type
of resonator loading allows for implementations of resonator branches which are
shorter than the conventional quarter wavelength segments. For the three stage
filter in Fig. 3.20 the loading elements are represented by the capacitances C. The
additional input and output segments serve for impedance matching and do not
insert additional resonances. Alternatively, tapped input and output resonator
stages can be used as will be discussed later on.

The coupling between the individual resonator branches is achieved by the fring-
ing fields between the resonator lines, thus it is predominantly of magnetic nature.
As a consequence, tight resonator coupling results in narrow spaced resonator seg-
ments. By terminating the resonators with the lumped capacitances, their electri-
cal length is made significantly shorter than λ/4 at the midband frequency. This
bandpass filter topology can be implemented in a very compact manner since the
electrical lengths of the resonators are much shorter than in other types of coupled
resonator filters. An additional argument which favors the combline filter is the
fact that it implies inherently capacitive elements as resonator loads. Thus it be-
came attractive to use tunable capacitors in order to alter the resonance behavior
of those branches. The actual combline filter exhibits attenuation poles at ω1=0
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Figure 3.21.: Calculated S-parameters for a 3-stage combline filter with a center
frequency of 1.9 GHz and a fractional bandwidth of ∆=0.1.

and ω2=ω0λ0/(4l), where ω0 is the passband center frequency, λ0 the wavelength at
this point, and l the total resonator length. The asymmetric pole allocation leads
to a slow pass- to stopband transition in the lower stopband and a broad upper
stopband. A typical combline filter response is depicted in Fig. 3.21.

Port 1 Port 2

CC

λ/8

λ1

2λ1

Figure 3.22.: Combline bandpass filter topology with tapped input and output
segments.

Alternatively to the topology presented in Fig. 3.20, the combline filter can be
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designed with tapped input and output line segments obtaining the filter structure
of Fig. 3.22. This modified structure can be designed analytically according to [91],
[92] and has the advantage of even more compact overall dimensions. An equivalent
circuit representation of the combline filter with tapped input and output segments
is given in Fig. 3.23. For this equivalent structure the three resonator branches
with length of approximately λ/8 are represented by shunt branches of admittance
Yi where i=1,2,3. The coupling between them is established by two line segments
of the same electrical length λ/8 with admittances of Y12, Y23 respectively. The
tapped input and output segments are represented by an L shaped segment with
two transmission lines of admittance Yt and electrical lengths of λ1, 2λ1. Based on
this equivalent circuit the following set of equations is used to calculate the network
parameters.

Yt = Y11 −
Y 2

12

Y22

(3.29)

Y1 =
Y12

Y22

(Y12 − Y22) (3.30)

Y2 = Y22 − Y12 − Y23 (3.31)

Y3 = Y33 − Y23 (3.32)

For the above set of equations, Y11, Y22, Y33 are the admittances of the individ-
ual resonator lines while the coupling parameters Y12 and Y23 can be calculated
according to following expressions

Yi,i+1|i=1,N−1 =
∆b
√
gigi+1

tan(θ0) (3.33)

b =
Ya
2

[

θ0
sin2(θ0)

+ cot(θ0)

]

, (3.34)

where θ0, Ya, ∆, N are the electrical lengths at the midband frequency, admittance,
fractional bandwidth, and the filter order, respectively. The values of gi correspond
to the element values of the lowpass filter prototype which is discussed in Section
3.1. Regardless of which configuration is finally chosen the tuning mechanism,
namely capacitive loading of a resonator, remains the same. This tuning principle
is illustrated in Fig. 3.24. Assuming an arbitrary transmission line segment of
characteristic impedance Z0 and electrical length θ which is loaded by a lumped
element with complex impedance ZL=1/(ωC), results in an input impedance of
the following form

Zin = Z0
ZL + Z0 tan(θ)

Z0 + ZL tan(θ)
. (3.35)
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Port 1 Port 2

C CC Yt
Yt

Yt
Yt Y1 Y2 Y3

Y12 Y23
2λ12λ1

λ1λ1

Figure 3.23.: Equivalent circuit of combline bandpass filter with tapped input and
output segments.

CZ0, θ

Zin

Figure 3.24.: Transmission line segment of arbitrary characteristic impedance Z0

and electrical length θ loaded with a lumped capacitance C.

Substituting the expression for ZL in (3.35) results in

Zin = Z0

1
ωC

+ Z0 tan(θ)

Z0 +  1
ωC

tan(θ)
= Z0

−( 1
ωC
− Z0 tan(θ))

Z0 + 1
ωC

tan(θ)
. (3.36)

The cascaded connection of the two elements is expected to give an impedance
of Zin=0 at the resonance frequency, thus solving (3.36) results in a resonance
frequency of

f =
1

2πCZ0 tan(θ)
. (3.37)

It is readily seen from (3.37) that a change in the capacitance C would result in
an immediate shift of the resonance frequency. Exactly this mechanism forms the
basis of designing tunable combline filter structures. Criteria for selection of the
appropriate electrical lengths for the resonators and tuning capacitances are given
in [93]. As mentioned before, the combline filter exhibits a transmission response
which is not symmetrical around its passband. This behavior can be readily seen
by the data presented in Fig. 3.21. The allocation of the attenuation poles leads
to a slow pass- to stopband transition in the lower stopband and a much broader
upper stopband. In order to achieve a symmetric response around the passband a
modified filter version can be used, which is depicted in Fig. 3.25.

Compared to the previously discussed filter this topology includes a second ca-
pacitor Cp, which is added to the lower resonator end. By using this capacitive
loading an attenuation pole is added at the lower stopband. This principle is re-
ported in [94] and has been implemented in a similar way in [95]. As presented
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Figure 3.25.: Modified combline bandpass filter.
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Figure 3.26.: Calculated S-parameters for original combline filter and the modified
version of Fig. 3.25.

in Fig. 3.26 the insertion of an attenuation pole in the lower stopband results in
a much higher selectivity in the transition between pass- and stopband while the
passband response is retained. Appropriate dimensioning of the capacitance Cp and
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thus the allocation of the attenuation pole can be used as an additional optimizing
parameter. Furthermore, choosing a tunable capacitance at this point instead of
a constant value one would yield tunable bandpass filters with not only reconfig-
urable center frequencies but further tunable stopband characteristics. This is an
attractive feature for reconfigurable front-end architectures, since future communi-
cation standards, like 4G LTE (Long Term Evolution), will support variable channel
bandwidths. The frequency range, which could be covered by a tunable bandpass
filter by using ferroelectric varactors with a tunability of 60 % is demonstrated in
Fig. 3.27.
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Figure 3.27.: Calculated S-parameters of the proposed tunable combline fil-
ter for two discrete capacitance values with a ratio of (Cmax −
Cmin)/Cmax=0.4.

Some interesting issues should be noticed by observing the response of the filter.
Altering the loading capacitance for the resonators causes a change in the resonance
behavior thus for the value of Cmin the coupling of the resonators is disturbed in a
way that the filter appears to have a single pole. A second fact which is important
for the filter performance is the allocation of the attenuation pole in the lower
stopband. As opposed to the attenuation pole in the upper stopband, which is
inherently present, the attenuation pole in the lower stopband is not shifted by
the same amount as the passband center frequency. This is due to the fact that
the lower attenuation pole is determined mainly by the fixed capacitor Cp. As a
consequence the passband bandwidth is altered as well.



4. Frequency Agile Power Dividers

and Couplers

The focus in this chapter lies on the principles of microwave power dividers and
couplers which are based on transmission line segments. Such microwave circuits
have been used in various applications such as Doherty amplifiers, balanced am-
plifiers, and balanced mixers. Tight coupling structures, like 3 dB-couplers, can be
hardly implemented with planar coupled lines due to the impractical very narrow
spacing between the line segments. Thus other topologies like Wilkinson power
dividers and branch-line couplers have to be used. These topologies will be subject
of investigation in this chapter. The potential of achieving a frequency agile behav-
ior based on tunable passive elements will also be discussed. By introducing the
tunable passive elements a novel methodology of designing reduced size frequency
agile circuits is obtained for this type of circuits.

4.1. Wilkinson Power Divider

A power divider topology which was presented for the first time by Wilkinson in [96]
and is since then known simply as the Wilkinson divider is presented in Fig. 4.1.

Port 1

Port 2

Port 3

2Z0

Z0

Z0

λ/4

√
2Z0

Figure 4.1.: Wilkinson power divider.

As opposed to other power divider structures, such as T-splitters or resistive di-
viders, the Wilkinson divider allows for matching at all ports while achieving perfect
isolation between the outputs at the resonance frequency. The input and output
port impedances are Z0 while the λ/4 segments have a characteristic impedance of√

2Z0. The output ports 2 and 3 are connected through a resistor with R=2Z0 thus
enabling impedance matching at all ports and isolation between them at the λ/4

52
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Figure 4.2.: Calculated S-parameters for an ideal Wilkinson divider network.

resonance frequency. Symmetric power splitting is achieved with no phase differ-
ence, ∆φ=0, for the two transmission paths. Although the Wilkinson divider can
also be designed for an arbitrary power division, we will consider only the equal
split 3 dB case in this work. Following the detailed analysis given in [97], based
on even and odd mode excitations, the Wilkinson divider can be summarized by a
3×3 scattering matrix of the following form

[S] =






S11 S12 S13

S21 S22 S23

S31 S32 S33




 =






0 −/
√

2 −/
√

2

−/
√

2 0 0

−/
√

2 0 0




 . (4.1)

The calculated performance of an ideal network according to (4.1) is depicted in
Fig. 4.2. As expected for a quarter-wavelength based structure the useful bandwidth
of operation is somehow limited due to the narrowband resonance. In practical im-
plementations, where finite quality factors impose more limitations a bandwidth of
less than 10 % around the resonance frequency should be considered realistic. An
increased operational bandwidth is achievable by a multi-sectional design, which
obviously leads to larger circuit dimensions. Although the transmission line seg-
ments can be implemented in various ways we will focus on microstrip line based
implementations.
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4.2. Branch-Line Coupler

Quadrature hybrids, also called branch-line couplers, are four-port couplers based
on quarter-wavelength segments and have a structure as in Fig. 4.3.

Port 1 Port 2

Port 3Port 4

λ/4

Z0 Z0

Z0/
√

2

Z0/
√

2

Figure 4.3.: Quadrature hybrid or branch-line coupler.

The inserted power at port 1 is equally divided at the output ports 2 and 3 at
the λ/4 resonance frequency. At this point port 4 is isolated. The output signals
have a phase difference of ∆φ=90 ◦. The characteristic impedance of the series
branches is Z0/

√
2, whereas the parallel branches have a characteristic impedance

of Z0. Applying the same analysis as for the Wilkinson divider, the network can be
summarized by its 4×4 scattering parameter matrix which has the following form

[S] =








S11 S12 S13 S14

S21 S22 S23 S24

S31 S32 S33 S34

S41 S42 S43 S44








=









0 −/
√

2 −1/
√

2 0

−/
√

2 0 0 −1/
√

2

−1/
√

2 0 0 −/
√

2

0 −1/
√

2 −/
√

2 0









. (4.2)

The calculated performance of an ideal network according to (4.2) is depicted in
Fig. 4.4. Similar to the previously discussed circuit the branch-line coupler exhibits
also a narrowband performance, which is established by the quarter-wavelength seg-
ments. The response observed in Fig. 4.4 refers of course to an ideal network where
limitations due to losses and finite quality factors are neglected. Nevertheless, in
microstrip based implementations this type of circuits exhibit very low losses and
can be used for applications where tight coupling is required over a limited band-
width. Coupler topologies with larger operating bandwidths could be implemented
as multiple section couplers as in [98], [99].
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Figure 4.4.: Calculated S-parameters for an ideal branch-line coupler network.

4.3. Equivalent Quarter-Wavelength Segments

The proposed methodology is based on the principle of substituting λ/4 transmis-
sion line segments of initial characteristic impedance Z with equivalent lowpass
structures [100]. The resulting new transmission line segments can be made sig-
nificantly shorter by raising their characteristic impedance level to

√
2Z and add

shunt capacitors at the ends, as depicted in Fig. 4.5.

Z

λ/4

(a) λ/4 segment

Ceq

λ/8

√
2Z

(b) Equivalent lowpass

Figure 4.5.: Quarter-wavelength transmission line segment and its equivalent low-
pass structure.

The capacitance value for the equivalent lowpass structure can be calculated by
comparing the network parameter matrix of the quarter-wavelength segment with
the corresponding matrix of the lowpass structure. For the general transmission line
segment of characteristic impedance Z and electrical length θ, the ABCD matrix
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is given as

M =

[

A B
C D

]

=

[

cos(θ) Z sin(θ)
 sin(θ)/Z cos(θ)

]

. (4.3)

For the case where θ=π/2, the matrix is reduced to

M =

[

0 Z
/Z 0

]

. (4.4)

The overall ABCD matrix of the equivalent lowpass structure can be calculated
by multiplying the individual chain matrices of the two shunt capacitors and the
reduced length transmission line segment. Thus, Mtotal=M1 ·M2 ·M3, where

M1 = M3 =

[

A B
C D

]

=

[

1 0
ωCeq 1

]

(4.5)

M2 =

[

A B
C D

]

=

[ √
2/2 Z

/(2Z)
√

2/2

]

. (4.6)

The resulting overall ABCD matrix Mtotal then is given as
[

−ωCeqZ + 1/
√

2 Z

[ω
√

2CeqZ + (1/2)− ω2C2
eqZ

2]/Z −ωCeqZ + 1/
√

2

]

. (4.7)

Comparing (4.4) and (4.7) results in a single solution for Ceq

Ceq =
1

ω
√

2Z
=

1

2πf
√

2Z
. (4.8)

By presenting a closed formula in (4.8) it is possible to design fully scalable equiva-
lent quarter-wavelength transmission line segments. For each starting characteristic
impedance Z and resonance frequency f a single capacitance value Ceq is calcu-
lated. The performance equivalence in terms of transmission amplitude and phase
of such structures is depicted in Figs. 4.6 and 4.7 respectively. From the presented
response it becomes clear that the two networks have identical behavior around
their resonance frequency in both amplitude and phase. Thus, as predicted by
the previous analysis, the lowpass structure can substitute a quarter-wavelength
transmission line segment without any noticeable change at the obtained resonance
frequency. Nevertheless one significant difference which is noticed by the transmis-
sion characteristic of Fig. 4.6 is the lowpass behavior, which results in a roll-off of
the transmission curve with increasing frequencies. This effect will become more
significant when cascading several of these sections since the order of the resulting
lowpass function will increase.

On the other hand it is evident that, by changing the capacitance value Ceq
the resonance frequency f is altered. Limiting factors could only be the resulting
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Figure 4.6.: Calculated transmission parameter S21 of an ideal quarter-wavelength
transmission line segment of characteristic impedance Z0=50Ω and its
equivalent lowpass network.
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Figure 4.7.: Calculated transmission phase of an ideal quarter-wavelength transmis-
sion line segment of characteristic impedance Z0=50Ω and its equiva-
lent lowpass network.
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impedance values for real implementations, e.g. in microstrip technology and the
varying line impedance for different frequencies. Nevertheless, by using tunable
capacitors, such as BST varactors, a tuning functionality is achieved. Assuming an
equivalent lowpass segment as in Fig. 4.5 with variable capacitance values for Ceq
results in a frequency agile response presented in Figs. 4.8 and 4.9. As can be seen by
the presented response, the corresponding magnitude and phase curves are shifted
toward higher frequencies when the capacitance of the lowpass structure is lowered,
as predicted by (4.8). The tuning range that is achieved is clearly demonstrated
by the response of the transmission phase in Fig. 4.9. More than 30 % tuning
for the resonance frequency, namely the point where the phase reaches the value
of -90 ◦, is achieved. The corresponding amplitude curve of Fig. 4.8 indicates the
same shift in frequency. One issue that should be noted is the minor degradation
in the transmission, which is noticed by a small amount of insertion loss. As was
mentioned before changing the capacitance value Ceq results in a slightly detuned
characteristic impedance. Nevertheless, since the observed degradation is negligible
compared to the potential of achieving a wide tuning range, this technique is found
to be interesting for microwave designs. Understanding this operational principle
yields to designs of more complex topologies, which are based on λ/4 segments.
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Figure 4.8.: Calculated transmission parameter S21 of an equivalent lowpass seg-
ment for two discrete capacitance values Cmax, Cmin, where a tunability
of 60 % is assumed.

As an alternative to the equivalent lowpass structure of Fig. 4.5 a purely lumped
element network can be used as indicated in Fig. 4.10. Applying the same method-
ology as for the reduced size equivalent transmission line segment, results simply
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Figure 4.9.: Calculated transmission phase of an equivalent lowpass segment for
two discrete capacitance values Cmax, Cmin, where a tunability of 60 %
is assumed.

Z

λ/4

(a) λ/4 segment

CC

L

(b) Lumped lowpass

Figure 4.10.: Quarter-wavelength transmission line segment and its equivalent
lumped element lowpass structure.

in multiplying the individual ABCD matrices as follows

Mtotal =

C
︷ ︸︸ ︷
[

1 0
ωC 1

]

·

L
︷ ︸︸ ︷
[

1 ωL
0 1

]

·

C
︷ ︸︸ ︷
[

1 0
ωC 1

]

(4.9)

=

[

1− ω2LC ωL
2ωC − ω3LC2 1− ω2LC

]

.

Comparing this matrix expression to the initial quarter-wavelength matrix in (4.4)
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Figure 4.11.: Calculated transmission parameter S21 of an ideal quarter-wavelength
transmission line segment of characteristic impedance Z0=50Ω and its
equivalent lumped lowpass network.

yields the following set of equations

L =
Z

ω
(4.10)

C =
1

Zω
. (4.11)

The corresponding response for the lumped element lowpass structure is given in
Fig. 4.11, while in Fig. 4.12 the phase of the transmitted signals is presented. It is
worth mentioning that the lumped lowpass exhibits a narrower resonance. This can
be noticed also by the transmission phase curve in Fig. 4.12, which has a higher
negative slope than the corresponding curve in Fig. 4.7. The tuning potential of
the equivalent lumped lowpass segment is demonstrated in Figs. 4.13 and 4.14.
Examples of lumped element couplers have been reported in [101]. Even tunable
lumped branch-line couplers have been implemented on the basis of ferroelectric
varactors [102].
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Figure 4.12.: Calculated transmission phase of an ideal quarter-wavelength trans-
mission line segment of characteristic impedance Z0=50Ω and its
equivalent lumped lowpass network.
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Figure 4.13.: Calculated transmission parameter S21 of an equivalent lumped low-
pass segment for two discrete capacitance values Cmax, Cmin, where a
tunability of 60 % is assumed.
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Figure 4.14.: Calculated transmission phase of an equivalent lumped lowpass seg-
ment for two discrete capacitance values Cmax, Cmin, where a tunabi-
lity of 60 % is assumed.

4.4. Frequency Agile Wilkinson Divider

Based on the methodology which was described in the previous section, a reduced
size topology of the original Wilkinson divider is presented in Fig. 4.15. The new
transmission line segments have a shorter electrical length and a higher characteris-
tic impedance. Lumped capacitors are used in order to compensate for the shorter
propagation path.

Port 1

Port 2

Port 3

λ/8

Z0

Z0

2Z0

2Z0

Ceq

Figure 4.15.: Reduced size Wilkinson divider.
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Figure 4.16.: Calculated scattering parameters of an ideal Wilkinson divider (black)
and its modified reduced size version (green). Both circuits are de-
signed for an operation at f=2 GHz.

The λ/4 transmission line segment of impedance
√

2Z0 can be substituted by an
equivalent segment of length λ/8 with an impedance of 2Z0 by adding two lumped
capacitors to the transmission line, with a capacitance value of

Ceq =
1

4πfZ0

. (4.12)

A comparison between a Wilkinson divider designed for operation at a frequency
of 2 GHz and its modified reduced size version is given in Fig. 4.16. By observing
the obtained response it becomes clear that the behavior at the frequency of res-
onance is identical. The modified version exhibits a somehow narrower resonance,
which is caused by the dominant reactance change of the capacitively loaded trans-
mission line segments. This effect can be also explained by the plotted phase curve
in Fig. 4.7. The negative slope of the lowpass phase curve is higher than the cor-
responding phase curve slope of the quarter-wavelength transmission line segment.
The aforementioned lowpass behavior is also witnessed for the transmission param-
eters S21 and S31 which tend to attenuate the higher frequency parts.

Assuming a reduced size Wilkinson divider, which is based on the ferroelectric
varactors with a tunability of 60 %, results in the response presented in Fig. 4.17.
Although some detuning occurs, as discussed previously, the isolation and return
loss values are better than 15 dB at all tuning states. A tuning range of more than
25 % is achieved for the operating frequency while an absolutely symmetrical power
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Figure 4.17.: Calculated scattering parameters of a reduced size Wilkinson divider
for two discrete capacitances Cmax, Cmin, where a tunability of 60 %
is assumed.

division is achieved. The proposed design allows for much more compact circuit
dimensions compared to a multiple section network.

4.5. Frequency Agile Branch-Line Coupler

The reduced size topology in Fig. 4.18 uses the same principle as the previously
discussed power divider. The series λ/4 branches with Z0/

√
2 are substituted by

lowpass segments with Z0 and shunt capacitors C1 = 1/(2πfZ0). The parallel
λ/4 segments with Z0 are substituted by lowpass segments with

√
2Z0 and shunt

capacitors C2 = 1/(2πf
√

2Z0). In order to reduce the overall complexity the shunt
capacitors at the transmission line ends were combined into the value

Ceq = C1 + C2 =
1 +
√

2

2πf
√

2Z0

. (4.13)

This equivalent capacitance serves as a shunt element for both transmission line
segments that meet at each port, thus allowing for a more compact design with
reduced complexity. The response obtained from such a network is given in Fig. 4.19
and Fig. 4.20 and compared to the original coupler performance.

As it is the case for the Wilkinson divider, the modified branch-line coupler has
a slightly narrower resonance compared to the original coupler performance. One
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Figure 4.18.: Reduced size branch-line coupler.
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Figure 4.19.: Calculated scattering parameters of an ideal branch-line coupler
(black) and its modified reduced size version (green). Both circuits
are designed for an operation at f=2 GHz.

point which should be noticed is that an enhanced lowpass filtering is observed for
the output branches. The varying roll-off in the transmission parameters S21 and
S31 is a result of the higher order filtering, which is applied for a signal propagating
from the input port 1 to the output port 3. Analogically to the previously inves-
tigated power divider, the branch-line coupler can be designed with a frequency
agile behavior by using ferroelectric varactors. Assuming a tunability of 60 % for



66 4. Frequency Agile Power Dividers and Couplers

0.5 1 1.5 2 2.5 3 3.5
0

50

100

150

200

250

300

Frequency (GHz)

|∠
S

21
 −

 ∠
S

31
| (

de
g)

 

 

branch−line coupler
reduced size coupler

Figure 4.20.: Calculated phase difference between outputs of an ideal branch-line
coupler and its modified reduced size version. Both circuits are de-
signed for an operation at f=2 GHz.

those tuning elements would result in a frequency agile performance as indicated in
Fig. 4.21 and Fig. 4.22. By observing the obtained response it becomes evident that
this methodology yields absolutely predictable coupler performance in both ampli-
tude and phase over the whole tuning range. While a tuning of more than 25 % is
obtained in the operating frequency, perfect 3 dB power coupling is retained. The
desired phase offset of 90 ◦ at the output ports is obtained at all operating cases.
Covering the same frequency bands with a multiple section coupler as in [103] would
result in much larger circuit dimensions. Additionally, the lowpass filtering which
is witnessed at all transmission paths would be absent. The significance of this ef-
fect will become more evident when discussing the performance of the implemented
prototype circuits in the following chapter.

An operation in combination with a multi-band power amplifier, e.g. as a bal-
anced amplifier, would be an interesting scenario since each supported frequency
band could be covered selectively. Additional to this frequency agile operation,
significant harmonics suppression would be performed due to the lowpass filtering
for the output signals.
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Figure 4.21.: Calculated scattering parameters of an ideal reduced size branch-line
coupler for two discrete capacitance values Cmax, Cmin, where a tun-
ability of 60 % is assumed.
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Figure 4.22.: Calculated phase difference between outputs of an ideal reduced size
branch-line coupler for two discrete capacitance values Cmax, Cmin,
where a tunability of 60 % is assumed.



5. Prototype Implementation and

Experimental Results

In the previous chapters the focus was on the properties of the tunable passive
devices and the operation inside microwave circuits in order to achieve frequency
agile behavior. Filter designs as well as new approaches for designing reduced size
frequency agile power dividers and couplers were presented. All aforementioned
microwave circuits have been implemented in terms of prototype boards, which
will be the subject of this chapter. Experimental results concerning small signal
performance and linearity will be presented as well.

5.1. Assembly Techniques

The performance of hybrid microwave circuits consisting of planar transmission
lines and discrete lumped components is greatly determined by the structure of
the components and their assembly within the circuit. This becomes even more
significant when considering tunable reactive components such as the ferroelectric
varactors. Therefore care has to be taken for the assembly of such components
since they are much more vulnerable than conventional industrial components, e.g.
SMD type components. As was presented before, the used ferroelectric varactors
have a parallel plate structure and can not be processed directly on a substrate
along with other metal traces.

bond wire

(a) Ball-Wedge (b) Wedge-Wedge

(c) Flip-Chip

Figure 5.1.: Different assembly techniques for interconnections of hybrid circuits.
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Conventional interconnection techniques such as soldering are not feasible for
such components. Thus other approaches have to be considered. Some of the com-
monly used assembly techniques are presented in Fig. 5.1. Wire assemblies such
as ball-wedge or wedge-wedge techniques have been used extensively for intercon-
necting semiconductor dies within front-end modules. In both cases a metallurgical
connection between the chip pads and the board metal traces is established. The
proper wire material, e.g. gold or aluminum, is depending on the bonding process,
pad metalization, and the target application. One common characteristic of all
wire assemblies is the fact that they suffer from parasitic inductances, which are
associated with the wires. In case of wedge-wedge assemblies, the resulting wire
inductances are significantly reduced since the wire loop is much smaller.

Assuming a simplified representation of the wire as a straight conductor of length
l and radius r, results in a self-inductance according to the following expression [104]

L ≈ µ0l

2π

[

ln

(

2l

r

)

− 3

4

]

. (5.1)

Calculating the wire self-inductance for different values of the radius r and wire
length l results in the data of Fig. 5.2. As it is clearly seen even short wire lengths
result in noticeable inductance values especially for decreasing wires thicknesses.
Techniques to reduce the interconnection inductance is to use parallel bond wires
or thicker diameters. In both cases limitations are set due to the pad geometry
of the chips which have to be interconnected. As opposed to wire assemblies, flip-
chip techniques allow for compact and simpler interconnections between the chip
pads and the metal traces. In this case stud bumps made of gold are placed on
the varactor pads. The whole chip is then turned upside down and positioned
on the metal traces. The connection is made either metallurgically or by using a
conductive adhesive or solder paste. Such interconnections have been used widely
for high frequency microwave circuits. Equivalent models can be used for the flip-
chip interconnects [105] allowing for accurate simulations in the early circuit design
stage. The impact of the wire inductance is demonstrated in Fig. 5.3, where the
effective capacitance of a varactor in flip-chip assembly is compared to an assembly
with a single bond wire on each varactor pad.

It is readily seen that for higher operating frequencies the parasitic wire induc-
tance causes significant deviations from the nominal capacitance. The rapidly rising
effective capacitance could be disadvantageously for broadband designs or multi-
band operation. In contrast to that, the flip-chip configuration has an extremely
flat response over frequency indicating its suitability even for high frequency oper-
ations. This feature along with the resulting smaller footprint of such assemblies
makes flip-chip the most suitable solution for this task. Thus all prototype boards,
which are about to be discussed, have been fabricated with flip-chip connected var-
actors. Gold stud bumps were placed on the varactor pads as indicated in Fig. 5.4
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Figure 5.2.: Calculated self-inductance of a straight wire of length l and radius r.
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flip-chip and ball-wedge assembly respectively.



5.2. Tunable Lowpass Filter 71
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Figure 5.4.: Photograph of BST varactor chip with gold stud bumps positioned on
the varactor pads.

and connected to the board metal traces via a conductive adhesive1 which is heated
up after positioning the ferroelectric varactor chips. By using this procedure no gold
metalization is needed at the board metal traces allowing for inexpensive and rapid
prototyping. The stud bumps have a diameter of approximately 60µm and occupy
almost the whole pad area. It is readily seen that the gap between the metal traces
for a flip-chip assembly corresponds to the mean pad distance of the chip. In this
case a 200µm wide gap is chosen to ensure the proper positioning. As stated before,
by using this type of assembly a more compact circuit design is resulting.

5.2. Tunable Lowpass Filter

The schematic of the fabricated 5th order tunable Chebyshev lowpass filter is de-
picted in Fig. 5.5.

C

L1 L3 L5
Port 1 Port 2

Bias

DC-block DC-block

DC-feed

Figure 5.5.: Tunable 5th order lowpass filter with L1=L5=6.8 nH, L3=12 nH and
BST varactors with a zero bias capacitance of C=3 pF.

1Loctite 3880
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Compared to the structure of Fig. 3.14 additional biasing components such as
DC-block capacitors and one RF-choke inductor are used. These elements rep-
resent the mandatory overhead which is associated with such circuits, since the
tuning voltage has to be applied to the varactors. With the DC-block capaci-
tors current flow along the network ports is avoided, while the RF-choke inductor
presents a high impedance path to the RF signal. Although the investigation in
the previous chapters neglected the contribution of these elements to the circuit
performance they have an impact in real implementations. Lumped inductors used
as RF-chokes exhibit a finite isolation towards the RF signal and hence have to be
chosen carefully. In the same way, DC-block capacitors have to be dimensioned for
operation near their self resonance frequency in order to provide the lowest possible
series impedance to the RF signal.

A photograph of the fabricated tunable lowpass prototype filter is given in
Fig. 5.6. The prototype was fabricated on a Rogers RO3010 substrate (h=0.625 mm
and εr=10.2 ). The actual footprint of the circuit consists only of 0402-series SMD
components and the BST varactors. The additional feeding microstrip lines serve
for the bias and to mount the coaxial SMA connectors. The ferroelectric varactors
were assembled in a flip-chip procedure in order to minimize the interconnection
parasitics and the associated loss mechanisms for higher operating frequencies.

Port 1 Port 2

Bias

35 mm

Figure 5.6.: Fabricated prototype board of the proposed tunable lowpass filter.

The measured filter performance for different bias voltages is depicted in Fig. 5.7.
All scattering parameters were measured with a Rohde & Schwarz ZVB vector net-
work analyzer (VNA). As it is readily seen, the lowpass filter exhibits two network
zeros as predicted by the previously given analysis. By changing the bias voltage
the capacitance values of the ferroelectric varactors are altered thus the passband
of the filter is shifted according to (3.21) and (3.22). The second network zero is
shifted from 1.5 GHz to approximately 2 GHz indicating a tunability of more than
30 % for the filter. Attenuation levels of more than 30 dB are exhibited for the
second harmonic at all operating bias states. Besides the significant tuning range
some additional points should be noted. The observed high transmission losses of
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about 4 dB in the passband are partially caused by the moderate quality factors
of the ferroelectric varactors. Additionaly, some performance degradation is also
caused by the biasing components. The choke inductor does not provide a constant
isolation over frequency since its impedance is increasing almost exponentially in
the vicinity of the self resonance frequency. In a similar way, the series impedance
presented by the DC-block capacitors is tending towards zero only for frequen-
cies close to the resonance point. One possibility to reduce the number of biasing
components is to use cascaded varactors and thus avoiding additional DC blocking
capacitors.
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Figure 5.7.: Measured transmission and reflection parameters of the fabricated tun-
able lowpass filter for different bias voltages.

A comparison between measured and simulated performance for the proposed
tunable lowpass filter is given in Fig. 5.8. The simulated curves refer to the results
of the Momentum electromagnetic co-simulation. Higher insertion loss is noticed
which is due to imbalances of the varactor values and some imperfections of the
assembly. Nevertheless, a predictable performance is obtained. The potential of
using such tunable filters, e.g. as an output stage of a multi-band power amplifier,
is clearly demonstrated. Considering operation with varactors of higher quality
factors would directly yield improved filter performance. Moreover, fabrication and
assembly techniques with industrial processes would further enhance the filter per-
formance and its reproducibility. The advantage over conventional filter approaches
would be the frequency selective operation since each supported communication
band could be covered separately resulting in improved return loss in the passband
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Figure 5.8.: Measured and simulated filter performance at a bias voltage of 11 V.
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Figure 5.9.: Measured and simulated filter performance for a two-tone test with
fundamental tone frequencies of f1=1948 MHz and f2=1952 MHz. The
bias voltage was set to 20 V.
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and harmonics suppression in the stopband. Since only one bias voltage is used
there is no need for sophisticated tuning algorithms. Each bias voltage could be
directly mapped to the resulting filter corner frequency. Additional to scattering
parameter measurements a two-tone test (refer to Appendix B) was performed. A
comparison between measured and simulated data is given in Fig. 5.9. It should be
noted that the applied bias conditions establish an operation around the value of
20 V which exhibits the lowest possible capacitance slope. Thus the observed inter-
modulation products are considerably small. Further improvement of the linearity
is expected by using cascaded varactors, as has been discussed previously.

5.3. Tunable Notch Filter

The schematic of the fabricated tunable bandstop filter is depicted in Fig. 5.10.
Two cascaded BST varactors have been used. Thus a simplified biasing circuitry is
obtained since there is no need for DC-block capacitors in the RF path.

DC FeedCBST

L1

L2

Port 1 Port 2

Bias

Figure 5.10.: Tunable bandstop filter with L1=L2=2.7 nH and BST varactors with
a zero bias capacitance of CBST=5 pF.

A photograph of the fabricated tunable lowpass prototype filter is given in
Fig. 5.11. The prototype was fabricated on a Rogers RO3010 substrate (h=0.625 mm
and εr=10.2 ). The actual circuit footprint consists only of 0402-series SMD com-
ponents and the BST varactors. The additional feeding microstrip lines serve for
the bias and to mount the coaxial SMA connectors. The ferroelectric varactors
were assembled in a flip-chip procedure similar to the previously discussed lowpass
prototype. The measured scattering parameters for the implemented notch filter
are presented in Fig. 5.12 and Fig. 5.13 respectively. A continuously tunable stop-
band filtering is achieved from 1.5 GHz to 2.1 GHz with a minimum attenuation of
17 dB. The return loss for the passband region is exceeding 13 dB while the insertion
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Port 1 Port 2

Bias

30 mm

Figure 5.11.: Fabricated prototype board of the proposed tunable notch filter.

loss is approximately 1 dB. Thus selective filtering of unwanted blocking signals is
possible in this frequency range.

As predicted by (3.27) and (3.28), the pole and zero allocation of the filter is
shifted toward higher frequencies by raising the bias voltage and thus decreas-
ing the capacitance value of the BST varactors. A comparison between measured
and simulated filter performance for the same bias state is given in Fig. 5.14. As
predicted by the previously given analysis, the notch filter exhibits one network
zero and one pole resulting in a pass- and stopband, respectively. The measured
allocation of the pass- and stopband matches the simulated data, whereas some
deviations occur in the frequency region above the stopband. This difference is
caused probably by the equivalent varactor model itself, since it is difficult to fit
the model parameters to the actual measurement curves over the entire frequency
region of interest and simultaneously for all bias conditions.

The linearity of the filter was determined by using the same two-tone setup as
for the lowpass prototype. The bias voltage was set to 20 V in order to set the
passband region around the center frequency of 1.95 GHz. The measured output
power levels of the fundamental tone and the intermodulation products are given
in Fig. 5.15. Similar to the previously discussed lowpass filter, the bias voltage of
20 V was chosen in order to move the filter passband in the region of the center
frequency of 1.95 GHz. At the same time, a high tuning voltage results in an
optimum operating bias point since the superposition of the DC and RF signal
causes the lowest possible capacitance variation. The capacitance characteristic
C(V ) gets more flat with increasing bias, as demonstrated in Fig. 2.4.
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Figure 5.12.: Measured transmission parameter S21 of the fabricated tunable notch
filter for different bias voltages.
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Figure 5.13.: Measured input reflection parameter S11 of the fabricated tunable
notch filter for different bias voltages.
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Figure 5.14.: Measured and simulated filter performance at a bias voltage of 11 V.
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Figure 5.15.: Measured filter performance for a two-tone test with fundamental tone
frequencies of f1=1948 MHz and f2=1952 MHz. The bias voltage was
set to 20 V.
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5.4. Tunable Combline Filter

The proposed tunable combline bandpass filter is presented in Fig. 5.16. It con-
sists of three coupled microstrip resonator branches with tapped input and output
ports. By using the BST varactors at the resonator ends a continuous tuning of the
passband center frequency is achieved. Additional lumped components such as RF-
choke inductors are used to establish the proper biasing conditions. The cascaded
combination of C1 and CBST represent the tunable capacitive load for the resonator
branches. By cascading the two capacitors several advantages are obtained. The
capacitor C1 operates as a DC-block element and voltage divider for the BST var-
actor at the same time. Thus there is no need for additional DC-block elements for
the RF ports which would decrease the circuit performance. Since C1 is an SMD
type capacitor it exhibits a much higher quality factor and in combination with the
BST varactor an improved tunable load is presented to the resonator branches. The
transition from the lower resonator end to the common capacitor pad is realized
via gold bond wires. As opposed to a layout with metal traces connecting to C2,
this topology retains the coupling between the resonator branches.

Port 1 Port 2

Bias

RF-choke

Bond wires

C1 C1 C1

C2

CBST

λ1

2λ1

λ/8

Figure 5.16.: Schematic of proposed tunable combline filter.

A prototype of the proposed combline filter was fabricated on a Rogers RO4003C
substrate with height h=0.2 mm and dielectric constant εr=3.38 . The circuit trace
is depicted in Fig. 5.17. The microstrip resonators have a width of w=0.25 mm and
the spacing between them is s=0.15 mm. All BST varactors have a zero bias capac-
itance of CBST=5 pF and were assembled in a flip-chip procedure in order to min-
imize the interconnection parasitics. Together with the fixed capacitors C1=1 pF
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they form the variable capacitive load for the resonators. As previously discussed,
an attenuation pole is introduced in the lower stopband through the capacitor C2.
In this case a fixed SMD type capacitor with C2=12 pF is used.

Port 1 Port 2

BiasC1

C2

CBST

4mm

8.5mm

Bonds

Figure 5.17.: Circuit trace of fabricated tunable combline filter.

0.5 1 1.5 2 2.5 3 3.5
−40

−35

−30

−25

−20

−15

−10

−5

0

M
ag

ni
tu

de
 (

dB
)

Frequency (GHz)

 

 

S
21

S
11

Simulated
Measured

Figure 5.18.: Measured and simulated performance for the implemented prototype
filter at zero bias.
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Figure 5.19.: Measured and simulated performance for the implemented prototype
filter at bias voltage VBias=15 V.

As presented in Fig. 5.18 and Fig. 5.19 excellent agreement is obtained between
the simulated and measured performance for different bias states. The simulated
data refers to the results of the co-simulation in ADS and Momentum. Minor
deviations are due to varactor value imbalances and mismatches. The passband
region of the filter can be tuned continuously from 1.8 GHz to 2.1 GHz with a worst
case insertion loss of less than 3 dB while exhibiting return loss of more than 20 dB
at all bias conditions. The slightly different performance in terms of transmission
and return losses are due to the varying quality factors Q of the varactors. Each
bias voltage results in a center passband frequency f0, insertion- (IL), and return
loss (RL), respectively. The filter performance at different bias states is summarized
in table 5.1.

Table 5.1.: Tunable Bandpass Filter Performance

Bias (V) f0 (GHz) IL (dB) RL (dB)
0 1.85 2.8 20
5 1.90 2.7 22
10 1.97 2.6 26
15 2.02 2.6 28

The small tuning range is due to the chosen series connection of the BST varactor
and the capacitor C1. Furthermore, it should be noted that the attenuation pole in
the upper stopband is clearly shifted when the bias is changed. The allocation of
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the inserted attenuation pole in the lower stopband remains almost constant, since
it is determined by the fixed value capacitor C2. As a consequence, the bandwidth
of the passband region is slightly altered. One important issue is, that the filter
retains the shape of its passband characteristic at all bias conditions since the
transition to both stopband regions are almost identical. Compensation of some
minor difference in the stopband skirts could be implemented by using a variable
capacitance for the lower resonator ends. A second tuning element would be inserted
at the expense of higher circuit complexity and lower Q factor for the resonators.
Nevertheless, a tunable filter bandwidth would result which is an attractive feature
for reconfigurable front-end systems. Linearity issues were investigated by a two-
tone test. The output power at one fundamental tone as well as the power of the
third order intermodulation products is displayed in Fig. 5.20. The bias voltage
was set to 5 V and the power of each input tone is swept over a range of 20 dB. For
the maximum applied input power level of 15 dBm per tone, the output referred
third order intercept point (OIP3) is calculated as
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Figure 5.20.: Measured and simulated output power levels of fundamental tone
and 3rd order intermodulation products for a two-tone setup with
f1=1948 MHz and f2=1952 MHz.

OIP3 = Pout +
∆

2
= 36.5 dBm. (5.2)

In (5.2), Pout and ∆ are the output power and the level difference between funda-
mental tone and intermodulation product, respectively.
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5.5. Reduced Size Tunable Power Divider

The previously discussed frequency agile reduced size power divider is given in
detail in Fig. 5.21, with all the needed biasing components indicated. A prototype
board of the proposed tunable power divider was implemented on a Rogers RO3010
substrate with height h=1.27 mm and dielectric constant εr=10.2.

Port 1

Port 2

Port 3

Bias

DC-block
DC-block

DC-feed

λ/8

Z0

Z0

2Z0

2Z0

C

Figure 5.21.: Reduced size frequency agile power divider.

The circuit trace of the fabricated prototype is depicted in Fig. 5.22. Additional
biasing components such as DC-block capacitors Cb at all RF ports and one RF-
choke inductor Lc are used in order to establish the proper biasing conditions for
the BST varactors. The DC-block capacitors behave at these frequencies nearly
as a through connection while the choke inductor presents a high impedance path
to the RF signal traveling on the microstrip lines. Therefore, the impact of the
biasing elements can be almost neglected. It is worth mentioning that by using
the proposed design it is possible to tune simultaneously all varactors. The bias
circuitry is simplified since a single tuning voltage is required.

All BST varactors were assembled in a flip-chip procedure in order to elimi-
nate the resulting parasitic wire inductance and the associated loss mechanisms of
conventional wire assemblies. Gold stud bumps were placed on the varactor chip
pads and connected to the metal traces of the board via a conductive adhesive.
The measured transmission and reflection parameters of the tunable and reduced
size power divider are presented for three discrete bias states in Figs. 5.23-5.25.
From (4.12) the varactor values for the target frequency region are calculated. For
the implemented prototype, varactors with nominal capacitance C=1 pF serve as
tuning elements. As can be seen the well known narrowband performance of the
original Wilkinson divider is obtained for different frequencies. Tuning the varactor
value leads to different resonance frequencies for the equivalent λ/4 transmission
line segments. A continuous tuning range from 1.7 GHz to 2.1 GHz is obtained.
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Figure 5.22.: Circuit trace of fabricated tunable power divider.

The insertion loss of the circuit, compared to the ideal 3 dB power splitting, varies
from 0.6 dB to 1.2 dB within the operating bandwidth of each state.
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Figure 5.23.: Measured transmission and reflection S-parameters for tunable
Wilkinson divider prototype at bias state VBias=2 V.

The resulting amplitude and phase difference for the two transmission paths is
depicted in Fig. 5.26. Symmetrical power splitting is achieved, in both amplitude
and phase, thus fulfilling the divider operation. The indicated small differences
are mainly due to varactor value tolerances. The worst case amplitude- and phase
difference is 0.5 dB and 9 ◦, respectively. A comparison between measured and
simulated network performance is given in Fig. 5.27. As has been demonstrated
previously, the electromagnetic co-simulation of the circuit traces and the BST
varactor models leads to good agreement compared to the measurement results.
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Figure 5.24.: Measured transmission and reflection S-parameters for tunable
Wilkinson divider prototype at bias state VBias=6 V.
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Figure 5.25.: Measured transmission and reflection S-parameters for tunable
Wilkinson divider prototype at bias state VBias=17 V.

Nonlinear effects caused by the ferroelectric varactors are quantified by a two-tone
test procedure. The experimental results along with the simulated data are given
in Fig. 5.28. The bias voltage was set appropriately to 7 V to shift the operating
band around the frequency of 1.95 GHz. The advantage provided by the tuning
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Figure 5.26.: Measured amplitude (top) and phase difference (bottom) for the trans-
mission paths of the power divider.
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Figure 5.27.: Measured and simulated scattering parameters for fabricated tunable
power divider at zero bias.
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Figure 5.28.: Measured and simulated output power levels of fundamental tone and
3rd order intermodulation products at port 2 of the Wilkinson divider.
A two-tone setup with f1=1948 MHz and f2=1952 MHz was used.

functionality concerns mainly the isolation between the output ports. The input
return loss of the implemented prototype does not behave the same way due to
possible varactor tolerances and some detuning of the characteristic impedance of
the transmission lines. In this frequency region there are several communication
bands allocated, thus frequency selectivity is desired. Compared to a reduced size
power divider with fixed capacitors improved isolation is achieved at the other
operating frequency bands. All figures reveal the inherent lowpass behavior, thus
harmonic radiation would be suppressed significantly when considering an operation
in a transceiver front-end system. At all operating bias states the second harmonic is
attenuated by more than 20 dB. Reconfigurable power dividers based on a multiple
section design have been also reported in [106]. Such solutions suffer from an
increased form factor.

5.6. Reduced Size Tunable Branch-Line Coupler

The previously discussed frequency agile reduced size branch-line circuit with all
its biasing components is depicted in Fig. 5.29. A prototype board of the proposed
tunable coupler circuit was implemented on a Rogers RO3010 substrate with height
h=1.27 mm and dielectric constant εr=10.2.

The circuit trace of the fabricated prototype is depicted in Fig. 5.30. Additional
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Figure 5.29.: Reduced size frequency agile branch-line coupler.

biasing components such as DC-block capacitors Cb, at all RF ports, and one RF-
choke inductor Lc are used in order to establish the proper biasing conditions for
the BST varactors. A carefully chosen layout ensured a total symmetric structure,
which is of great significance for obtaining the desired amplitude and phase rela-
tions. The DC-block capacitors at these frequencies nearly behave as a through
connection while the choke inductor presents a high impedance path to the RF
signal. Therefore, the impact of the biasing elements can be almost neglected. It is
worth mentioning that by using the proposed design it is possible to tune simulta-
neously all varactors. The bias circuitry is simplified since no sophisticated tuning
algorithm is needed.

For the branch-line coupler varactors with nominal capacitance C=3 pF serve as
tuning elements, according to (4.13). The S-parameter response for three discrete
bias states is presented in Figs. 5.31-5.33. All transmission and reflection parame-
ters exhibit the well known branch-line coupler performance. A continuous tuning
range from 1.8 GHz to 2.3 GHz is obtained.

Additional to the ideal 3 dB coupling, the insertion loss varies from 2 dB to 2.7 dB
depending on the applied bias state. The amplitude and phase difference between
the two transmission paths is shown in Fig. 5.34. The worst case deviation from
the nominal phase difference of 90 ◦ is ±5 ◦. Similar low differences are observed for
the amplitude, where the maximum difference for each bias state is 0.4 dB. Thus
the coupler operation is fulfilled at different operating frequencies. Tunable branch-
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Figure 5.30.: Circuit trace of fabricated tunable branch-line coupler.
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Figure 5.31.: Measured transmission and reflection S-parameters for tunable
branch-line coupler prototype at bias state VBias=5 V.

line couplers based on a transmission line approach have been reported previously
in [107], [108], [109]. The advantage of the implemented circuit is the size reduction
in combination with the frequency agility.

Similar to the Wilkinson divider prototype, excellent agreement between simula-
tion and measurements is obtained, as indicated in Fig. 5.35. Minor deviations are
caused by varactor value tolerances and mismatches. Similar to the implemented
power divider the circuit indicates its lowpass characteristic since higher order har-
monics are suppressed in the transmission paths. Operating these couplers along
with multi-band power amplifiers, e.g. in a Doherty topology [110], would result
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Figure 5.32.: Measured transmission and reflection S-parameters for tunable
branch-line coupler prototype at bias state VBias=9 V.
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Figure 5.33.: Measured transmission and reflection S-parameters for tunable
branch-line coupler prototype at bias state VBias=15 V.

in frequency agile transmitter stages with suppressed harmonic radiation and thus
improved spectrum purity. The achieved attenuation for the second harmonic ex-
ceeds 30 dB at all operating conditions. This attenuation level is comparable to the
achieved stopband attenuation of the implemented 5th order lowpass filter which
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Figure 5.34.: Measured amplitude (top) and phase difference (bottom) for the trans-
mission paths of the branch-line coupler.
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Figure 5.35.: Measured S-parameters at VBias=15 V and simulated data for the tun-
able branch-line coupler prototype.

was discussed previously. For determining the nonlinear effects caused by the fer-
roelectric varactors a two-tone test was performed. The experimental results and
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Figure 5.36.: Measured and simulated output power levels of fundamental tone and
3rd order intermodulation products at port 2 of the branch-line cou-
pler. A two-tone setup with f1=1948 MHz and f2=1952 MHz was
used.

simulated data are given in Fig. 5.36. The bias voltage was set appropriately to
7 V to shift the operating band around the frequency of 1.95 GHz.

From the previously presented data it can be seen, that the proposed novel fre-
quency agile circuits are suitable for operation in multi-band systems since they
provide a reconfigurable and predictable performance. Combining such reconfig-
urable circuits with conventional active front-end blocks, such as power amplifiers,
mixers, etc. would be a step forward to the identified goal of reducing the ra-
dio front-end complexity. Using frequency agile microwave circuits would enable
a multi-band operation for RF front-end systems while reducing the number of
functional blocks.



6. Reconfigurable Front-End

Systems

So far in this work, tunable microwave circuits have been treated as stand-alone
subsystems and characterized for their small and large signal performance. Main
objective of this chapter is to relate them to possible applications in transceiver
architectures for both mobile and stationary communication devices. Realistic op-
erating scenarios with complex modulated signals, e.g. UMTS 3GPP WCDMA, will
be discussed and demonstrated for one of the implemented prototype subsystems.

6.1. Modulation Analysis

Investigating radio transmission systems typically involves modulated signals, which
are used for modulating the sinusoidal RF carrier. In digital modulation schemes
data sequences consisting of discrete symbols, namely binary characters, are used
to modify the physical parameters of the carrier. Principally, a radio signal s(t) is
characterized by its amplitude A, frequency f , and phase φ. Digital modulation
on either of those parameters results in what is known as amplitude shift keying
(ASK), frequency shift keying (FSK), and phase shift keying (PSK), respectively.
An arbitrary time variant radio signal would have the general form

s(t) = A cos(2πft+ φ). (6.1)

The same equation can be transformed into the equivalent expression

s(t) = A cos(φ) cos(2πft)− A sin(φ) sin(2πft) (6.2)

= I cos(2πft) +Q sin(2πft). (6.3)

From (6.3) it is seen that the signal consists of two orthogonal parts of the same
frequency f . Usually they are referred as the in-phase I and the quadrature com-
ponent Q. Knowing the carrier frequency allows for a complete characterization
of s(t) by its I and Q components. This calculation is typically performed in the
baseband processing of communication devices. An equivalent representation of
the signal s(t) is given in Fig. 6.1.

93
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I

Q

A
φ

Figure 6.1.: Vector representation of signal s(t).

In the baseband representation the signal vector is described by its amplitude
A and phase φ. At any given time t, the signal is characterized completely by
its I and Q components since the vector represents the instantaneously sampled
continuous signal. Based on this representation different modulation techniques
can be analyzed in a straightforward manner.

I

Q

0001

11 10

Figure 6.2.: Constellation diagram of QPSK signal.

In UMTS based communication systems QPSK (Quadrature Phase Shift Key-
ing) is the used modulation technique. The phase φ of the RF carrier signal is
modulated by four different digital symbols, as indicated in Fig. 6.2. Each symbol
reflects a pair of bits and is assigned to a defined phase of the signal vector. In the
demodulation process the incoming signal is analyzed for its I and Q components
and the transmitted data is detected by the signal vector phase. Imperfections in
WCDMA transmitters, e.g. nonlinear effects or I-Q imbalances, can cause devia-
tions in the amplitude or phase of the received vector signal. Such errors can be
quantified by a unit called EVM (Error Vector Magnitude), which is illustrated in
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Fig. 6.3.
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Im{~S}
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~Si
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Figure 6.3.: Error vector magnitude definition.

The error magnitude ~Se represents the difference between the ideal signal vector
~Si and the actually received one ~Sr, thus the EVM unit is formed by the following
expression

EVM =
~Se
~Si

=
~Sr − ~Si
~Si
. (6.4)
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Figure 6.4.: Measured trajectory of QPSK modulated signal.

According to the current 3GPP specification a worst case EVM of 17.5 % is
allowed for WCDMA transmitters. A typical trajectory of a QPSK modulated
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Figure 6.5.: Measurement setup for modulation analysis.

signal is given in Fig. 6.4. The used vector signal generator is an Agilent PSG and
the resulting rms EVM value of the generator did not exceed 1 %. Thus it is suitable
for performing the compliance test. The modulated signal with a center frequency
of 1.95 GHz is captured and analyzed by an Agilent PSA spectrum analyzer through
the VSA demodulation software, as depicted in Fig. 6.5.
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Figure 6.6.: Measured spectrum of WCDMA modulated signal.

The corresponding spectrum of the modulated signal with a channel bandwidth
of 5 MHz is depicted in Fig. 6.6. The signal bandwidth is mainly determined by the
chip rate of 3.84 Mchip/s and the QPSK modulation, thus the resulting bandwidth
is approximately 3.84 MHz. Pulse shaping in the baseband generator is performed in
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order to shape the transmission spectrum. A root raised cosine filter with a roll-off
factor of 0.22 is used resulting in an increase of the signal bandwidth by 22 %. The
resulting total signal bandwidth is thus approximately 4.6 MHz. Nonlinearities in
the power amplifiers result eventually in a distorted output spectrum. Additionally
interactions of several signals can give rise to spectral power components in the
vicinity of the considered communication channel. One criterion to quantify the
aforementioned effect is known as adjacent channel leakage power (ACLP) which
alternatively can be expressed in terms of a ratio (ACLR) between the power levels
of adjacent channels. In this case only the directly adjacent channel with an offset
of 5 MHz is considered. For base station transmitters, the ACLR in the adjacent
frequency channel has to be 45 dB or more. For mobile stations the corresponding
value is depending on the power class and channel spacing, according to table 6.1.

Table 6.1.: ACLR specifications for mobile stations.

Power Class Output Power (dBm) Channel Spacing (MHz) ACLR limit (dB)
3 24 5 33
3 24 10 43
4 21 5 33
4 21 10 43

6.2. Balanced Amplifier

Transmitter stages are one of the key blocks within communication front-end ar-
chitectures. In modern front-end implementations the transmitter includes mainly
a power amplifier module and an output filter stage, at least when considering the
analog high frequency part of it. Since several frequency bands have to be covered,
the mainstream approach incorporates multi-band power amplifiers, which can be
used for several communication bands, which are allocated over a relative small fre-
quency range. The filtering which is applied to the power amplifier output signal is
performed either by a lowpass filter or a duplexer. In conventional implementations
there is no possibility of introducing reconfigurability in terms of selective filtering.
Novel design approaches, using the successfully implemented circuits, can be used
to modify already existing systems. A suitable example is the balanced type power
amplifier [111] as illustrated in Fig. 6.7.

Two identical amplifiers are fed by a quadrature coupler which produces two sig-
nals with a phase difference of 90◦. Their amplified output signals are combined
again with a branch-line coupler which is connected in reverse order. One of the
advantages of this topology is that reflected waves due to mismatch at the power
amplifier ports pass through the couplers and are canceled out at the input and
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Figure 6.7.: Balanced power amplifier topology with branch-line couplers.

−20 −15 −10 −5 0 5
5

10

15

20

25

30

35

Input Power (dBm)

O
ut

pu
t P

ow
er

 (
dB

m
)

Figure 6.8.: Output power characteristic of the balanced amplifier of Fig. 6.7.

output ports respectively. This cancellation is caused by destructive superposition
of the opposite phased signals. This type of amplifiers have been used widely in
microwave applications since they allow for implementations of broadband trans-
mitters with enhanced isolation and stability characteristics. Using identical fairly
linear amplifier modules results in an overall output power which is twice the power
of the single stages. In this work, the power amplifiers PA1, PA2 were described
by behavioral models. Operating at 1.95 GHz they offer saturated power levels of
30 dBm with a moderate gain compression of 1 dB. Return loss and reverse isolation
levels of 20 dB are considered. The linearity of the amplifiers is determined by their
output referred third order intercept point which is set to 45 dBm. Assuming such
performance for the individual amplifiers results in an output power characteristic
of the transmitter as indicated in Fig. 6.8. Linear amplification with a gain of
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Figure 6.9.: Voltage waveforms at the output stages of the balanced amplifier
module. Input power of Pin=0 dBm is assumed at the frequency of
1.95 GHz.

30 dB is achieved up to approximately 1 W of RF power. At higher output power
levels the amplifier module operates in saturation. The voltage waveforms of the
amplifier module at the limit of linear operation are given in Fig. 6.9. As is readily
seen, the output signals of the amplifiers PA1 and PA2 have a relative phase differ-
ence of 90◦. This offset is finally corrected at the second branch-line coupler. The
obtained waveforms have a nearly perfect sinusoidal shape indicating an operation
with minor nonlinear effects. At this point it should be mentioned that such an
approach is disadvantageous in terms of circuit dimensions and component count.
Nevertheless, by using the previously implemented techniques circuit dimensions
can be reduced significantly and a frequency agile behavior is obtained. The typ-
ically observed narrowband performance could be obtained for different operating
communication bands by using tunable branch-line couplers.

Proper operation in communication devices implies investigation with modu-
lated signals. Criteria concerning signal quality such as the error vector magnitude
(EVM) and the spectral purity of the signal based on its adjacent channel leakage
ratio (ACLR) have to be quantified. These specifications have been established
by international standardization bodies, e.g. ETSI, as presented previously. The
obtained output spectra at different operating power levels are given in Fig. 6.10
and Fig. 6.11. From the obtained simulation data it is seen that such a transmit-
ter module would easily comply with the given specifications, since an ACLR of
approximately 40 dB is resulting even for input power levels up to 0 dBm. At this
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Figure 6.10.: Output spectrum for WCDMA signal with Pin=-10 dBm and its ad-
jacent channel spectral components.

operating RF output power of 1 W an EVM value of 7 % is obtained, which is well
below the specified limit.
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Figure 6.11.: Output spectrum for WCDMA signal with Pin=0 dBm and its adja-
cent channel spectral components.
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6.3. Reconfigurable Amplifier

Based on the balanced amplifier topology, as discussed in the previous section,
a modified version is obtained by substituting the branch-line couplers with the
equivalent reduced size frequency agile branch-line couplers of Section 5.6. The only
modification is the addition of one common bias voltage, as indicated in Fig. 6.12.
This voltage was set to 5 V in order to establish the proper resonance frequency for
the tunable couplers. Overall circuit dimensions are reduced by 50 % according to
the shrinkage of the passive coupler structures. One noticeable effect is the lowpass
filtering, which is performed by the hybrid couplers and is witnessed in Fig. 6.13 in
terms of a roll-off effect in the transmission parameter. Both branch-line couplers
attenuate the high frequency components of the incoming signal resulting in an
overall attenuation of approximately 50 dB at the second harmonic. This behavior is
especially important for suppression of higher order harmonics, which could appear
by the used nonlinear circuits in this amplifier topology. For the first coupler circuit
nonlinearities can be neglected since the expected maximum input power level is
around 0 dBm. Amplification takes place at the output of the power amplifiers
resulting in much higher input power levels for the second branch-line coupler.
Harmonics which may occur at the power amplifier outputs will pass through the
coupler stage which performs a lowpass filtering. At the target operating frequency
of 1.95 GHz an attenuation of approximately 1.8 dB is resulting as a consequence of
the additional losses introduced by the tunable couplers. This penalty in terms of
insertion loss is a direct consequence of the moderate quality factors of the tunable
passive elements.

In

Out

Bias

50Ω

50Ω

PA1

PA2

90◦ Hyb.

Figure 6.12.: Reconfigurable balanced power amplifier topology with tunable
branch-line couplers.

The overall output characteristic of the reconfigurable amplifier module is given
in Fig. 6.14. Linear operation is achieved up to input power levels of 0 dBm, while
the increased insertion loss of the couplers results in reduced output power levels.
One further issue that is worth mentioning concerns the observed voltage forms at
the amplifier stages. As depicted in Fig. 6.15, significant deviations occur from the
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Figure 6.13.: Gain characteristic of tunable balanced amplifier module.
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Figure 6.14.: Output power characteristic of the tunable balanced amplifier at an
operating frequency of 1.95 GHz.

expected sinusoidal waveforms. Phase and gain imbalances in the tunable branch-
line coupler structures result in voltage waveforms, which do not fulfill the desired
shape. Thus care has to be taken in the design of the tunable coupler structures in
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Figure 6.15.: Voltage waveforms at the output stages of the tunable balanced am-
plifier module. Input power of Pin=0 dBm is assumed at the frequency
of 1.95 GHz. The bias voltage is set to 5 V.

terms of symmetrical power coupling. Additionally to the mentioned imbalances,
nonlinearities of the ferroelectric varactors itself are contributing also to a distorted
voltage signal at the second coupler stage. These nonlinear effects become dominant
for output power levels larger than 30 dBm, as indicated in Fig. 6.14.

A direct comparison between the previously discussed balanced amplifier and
the proposed reconfigurable transmitter is ensured by using an identical simulation
setup with modulated signals. A 3GPP WCDMA signal with a carrier frequency
of 1.95 GHz is applied to the input terminal of the tunable balanced amplifier. The
corresponding output spectra for the previously considered operating input power
levels are given in Figs. 6.16 and 6.17. Comparing the mean power levels of the
main channel and its adjacent channels reveals the achieved ACLR performance of
the circuit. In both investigated cases the ACLR exceeds clearly the specified limit
of 33 dB for a 5 MHz channel spacing. The simulated EVM was also well below the
specified threshold of 17.5 %.

A first analysis of the resulting data leads to the conclusion, that the linearity
requirements and the modulation quality is sufficient for such a circuit, at least
considering operation with WCDMA signals. Nevertheless even for the discussed
scenario it is evident, that in presence of the ferroelectric varactors some amount
of distortion is taking place. The most obvious consequence of the nonlinearities
contributed by the tuning elements are noticed by looking at the transient response
of the voltage waveforms in Fig. 6.15. As discussed before, a series connection of
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Figure 6.16.: Output spectrum for WCDMA signal with Pin=-10 dBm and its ad-
jacent channel spectral components for the proposed tunable trans-
mitter topology.
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Figure 6.17.: Output spectrum for WCDMA signal with Pin=0 dBm and its adja-
cent channel spectral components for the proposed tunable transmit-
ter topology.
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individual varactors is a promising way to reduce the RF voltage swing across the
tunable devices, thus improving the overall linearity of the circuit. As depicted
in Fig. 6.18 and Fig. 6.19, cascading 3 varactors at each node of the second tun-
able branch-line coupler results in significant improvements in terms of linearity.
The transient voltage waveforms have nearly perfect sinusoidal form indicating
only some minor phase and amplitude errors in respect to each other. As a direct
consequence the output power characteristic is improved as well. The obtained
characteristic power curve indicates a regular operation of a power amplifier with
moderate nonlinearities which cause a gain compression in the vicinity of its max-
imum output power. By a simple modification, namely cascading some varactors,
the originally caused distortions are almost canceled out. The reduced nonlinear
distortion is also noticed in the obtained output spectra of the amplifier module.
The power leakage in their adjacent channels is clearly reduced, as depicted in
Fig. 6.20 and Fig. 6.21.
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Figure 6.18.: Voltage waveforms for tunable balanced amplifier with a cascaded
connection of 3 varactors for the second branch-line coupler. Input
power of Pin=0 dBm is assumed at the frequency of 1.95 GHz. The
bias voltage is set to 5 V.

Recalling the picture of the ferroelectric varactor given in Fig. 2.2 supports the
proposed solution. The active capacitor area of the 5 pF varactor is only a small
portion of the overall chip. Processing several of those varactors in series would
be feasible even without changing the chip size. The resulting high capacitance
values which are needed in this case are implemented easily in a MIM structure.
Customized solutions of reconfigurable microwave circuits including the voltage



106 6. Reconfigurable Front-End Systems

−20 −15 −10 −5 0 5
5

10

15

20

25

30

35

Input Power (dBm)

O
ut

pu
t P

ow
er

 (
dB

m
)

Figure 6.19.: Output power characteristic of the tunable balanced amplifier with 3
cascaded varactors at the second branch-line coupler.
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Figure 6.20.: Output spectrum for WCDMA signal with Pin=-10 dBm and its adja-
cent channel spectral components for tunable balanced amplifier with
3 cascaded varactors at the second coupler stage.

handling circuits and tuning algorithms have been reported lately by industrial
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Figure 6.21.: Output spectrum for WCDMA signal with Pin=0 dBm and its adja-
cent channel spectral components for tunable balanced amplifier with
3 cascaded varactors at the second coupler stage.

parties [112]. This technique appears to be very promising especially for thin-film
varactors due to their high capacitance density, which allows for realizations of large
capacitance values at considerably compact dimensions.

The frequency agile branch-line couplers play a key role in the proposed recon-
figurable amplifier topology thus their individual behavior under operation with
modulated signals should be investigated as well. By using the measurement setup
of Fig. 6.5, a WCDMA modulated signal was applied to port 1 of the tunable
branch-line coupler prototype and the corresponding power spectra at the output
ports 2 and 3 were captured. The results for two different signal power levels of
5 dBm and 10 dBm are given in Fig. 6.22 and Fig. 6.23, respectively. As it is readily
seen, the power coupling between both ports is absolutely symmetrical indicating
only minor amplitude imbalances for the output paths. Additionally, it should be
noted that there is no spectral regrowth witnessed for the adjacent channels. The
resulting ACLR values are better than 35 dB. Nonlinear effects do not have a sig-
nificant impact when operating at such power levels. A comparison between the
simulated performance and the actual measured output spectrum for the branch-
line prototype is given in Fig. 6.24. For the simulation setup a time period of 15
slots was used. During the measurement procedure an rms video bandwidth for the
signal analyzer and an average factor of 100 was used. The dynamic range of the
used measurement setup introduces limitations for power levels lower than -60 dBm.
Furthermore, the limited simulation time causes an interpolation at the transition
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Figure 6.22.: Power spectra measured at the output ports of the tunable branch-line
prototype board operating at a bias voltage of 7 V. The modulated
input signal was set to a power of 5 dBm.
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Figure 6.23.: Power spectra measured at the output ports of the tunable branch-line
prototype board operating at a bias voltage of 7 V. The modulated
input signal was set to a power of 10 dBm.
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Figure 6.24.: Measured and simulated power spectra at port 2 of the tunable
branch-line prototype board operating at a bias voltage of 7 V. The
modulated input signal was set to a power of 10 dBm.

between the main channel and the adjacent ones. Nevertheless for the resulting
channel power fairly good agreement is obtained thus proving the suitability of
the simulation methodology. The implemented microwave circuits deliver reliable
results for all kind of simulations, like harmonic balance, envelope, and transient
analysis, thus all related system aspects for operation in a wireless communication
environment can be investigated.

6.4. Bias Circuitry

So far voltage management concepts and the corresponding circuitry for producing
the desired tuning voltages have not been taken into account. Since the target ap-
plication is the operation in handheld devices for mobile communications the power
consumption and the voltage handling are important issues. For the investigated
ferroelectric varactors the tuning is achieved without power consumption since no
DC current is involved. Only leakage currents for the varactors would result in DC
power consumption, which would have a direct impact on the battery life time of
the handheld device. A much more challenging task is the creation of the tuning
voltages, since for handheld devices the only available energy source are batteries
with low voltages, e.g. in the range of 3.5 V. Additional circuits such as charge
pump topologies are needed to transform the low battery voltage to the desired
maximum tuning voltage of approximately 20 V. One widely used charge pump
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topology is the so called Dickson pump [113] and is depicted in Fig. 6.25.
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Figure 6.25.: Dickson charge pump with NMOS transistor stages.
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Figure 6.26.: Transient response of a charge pump with seven stages and a load
capacitance of 10 pF.

The circuit operates like a voltage multiplier by pumping charge along the tran-
sistor stages which are configured to operate as diodes. One pulsed clock signal
of amplitude Vref and its complementary are used to control the propagation of
the signal from the input to the output. When clock is switched to ’low’ the first
diode starts to conduct and presents a voltage of Vin-Vd to the first output stage,
where Vd is the forward bias voltage of the diode. At the point where clock is set to
’high’, the voltage at the output of node 1 becomes Vin+(Vref -Vd) and the second
diode starts to conduct providing a voltage of Vin+(Vref -Vd)-Ud. When clock is low
again the voltage at node 2 becomes Vin+2(Vref -Vd). Repeating this logic for the
following stages leads to an overall expression for the output voltage of
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Vout = Vin +N(Vref − Vd)− Vd. (6.5)

Assuming an input voltage of 3.5 V, which is typical for batteries of handheld
devices, and a clock pulse with amplitude of Vref=3 V would result in N=7 charge
pump cells in order to transform the input voltage to a value of approximately 20 V.
The transient response for such a network is given in Fig. 6.26. The output signal
reaches the desired value of 20 V in less than 1 msec, which should be sufficient
for tuning operations. Considering an operation with such high voltages calls for
semiconductor elements which are capable of dealing with them. High voltage
CMOS processes have been developed for a variety of industrial and automotive
applications and allow for integration of high voltage electronics along with the
regular digital control blocks. Established semiconductor vendors such as Austria
Microsystems offer a variety of adequate processes, e.g. 0.8µm CMOS process for
voltages up to 50 V. Simple ’look-up’ tables could be used for the implemented
microwave circuits since only one bias signal is needed and thus there is no need
for sophisticated tuning or control algorithms. Each setting of the bias voltage
would result in a different operating frequency for the circuit. Previously defined
operating states could be mapped to individual control signals, which in turn would
be stored in simple memory devices.



7. Conclusion and Outlook

The objective of the present work is to demonstrate the potential of tunable passive
components, such as ferroelectric or MEMS varactors, in designing frequency agile
and reconfigurable microwave circuits. Complete design methodologies are pre-
sented for frequency agile filters based on lumped components. The implemented
lowpass and notch filter exhibit tuning ranges of more than 30 %. Additionally a
modified distributed combline filter with an attenuation pole in the lower stopband
has been implemented. The insertion- and return loss in the passband are better
than 2.8 dB and 20 dB for all operating bias conditions. The filter passband can be
tuned continuously from 1.8 GHz to 2 GHz enabling multi-band operation. Further-
more, a novel approach for designing reduced size frequency agile power dividers
and couplers is presented. Besides a significant size reduction of 50 %, a tuning
range of more than 20 % is achieved for this type of circuits. Excellent amplitude
and phase relations are retained at all operating conditions. As a consequence the
divider and coupler operation is fullfilled at discrete frequencies which can be tuned
continuously. All proposed frequency agile microwave circuits were implemented
sucessfully as prototype boards and characterized for their small and large signal
operation. Finally an example of a reconfigurable transmitter topology is discussed
on the basis of the implemented tunable branch-line couplers. The operation with
real-world WCDMA modulated signals is investigated and verified by simulation
and measurement, respectively.

So far the performance of the tunable passive components itself has been inves-
tigated and their operation in reconfigurable microwave circuits has been demon-
strated successfully. The operation with modulated signals is demonstrated as well.
A complete investigation at system level can be performed since equivalent varac-
tor models can be integrated in commercially available simulator tools. As has
been briefly demonstrated in Chapter 6 frequency agile circuits can be included in
complete system solutions with other front-end modules, e.g. power amplifiers, and
operate as reconfigurable front-end blocks. Future work should focus on complete
system solutions and therefore needs to integrate tunable microwave circuits, like
filters, couplers, etc. with active components, such as power amplifiers and mixers,
in a complete front-end architecture. Modern packaging technologies such as the
use of multilayer LTCC modules are promising candidates for implementing such
prototype systems.
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A. Transmission Matrix and

Transformations

The transmission matrix, also called ABCD matrix, is an elegant representation of
two-port networks. It describes the dependence of voltages and currents associated
with a two-port network, as they are depicted in Fig. A.1.

Port 1 Port 2
V1 V2

I1 I2
1 2

Figure A.1.: Schematic of two-port network.

V1 = AV2 +BI2 (A.1)

I1 = CV2 +DI2 (A.2)

In a matrix representation these formulas can be expressed as

[

V1

I1

]

=

[

A B
C D

]

·

[

V2

I2

]

. (A.3)

The advantage of ABCD matrices is that a cascaded topology of several two-
port networks can be described just by multiplying their individual transmission
matrices. This representation is powerful since most of the microwave circuits rely
on the combination of two-port elements.

Once the ABCD matrix of a structure has been calculated it can be easily trans-
formed into the corresponding scattering parameter matrix which has the following
form

S =

[

S11 S12

S21 S22

]

. (A.4)

The individual elements of this matrix can be calculated as
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114 A. Transmission Matrix and Transformations

S11 =
A+B/Z0 − CZ0 −D
A+B/Z0 + CZ0 +D

(A.5)

S12 =
2(AD −BC)

A+B/Z0 + CZ0 +D
(A.6)

S21 =
2

A+B/Z0 + CZ0 +D
(A.7)

S22 =
−A+B/Z0 − CZ0 +D

A+B/Z0 + CZ0 +D
, (A.8)

where Z0 is the reference impedance of the system. Some of the most common two-
port networks used in microwave circuit design and their transmission matrices are
summarized in the following figure.

Port 1

Port 1

Port 1

Port 2

Port 2

Port 2

Two-port circuit ABCD matrix

Z

Y

Z0, θ

[

1 Z
0 1

]

[

1 0
Y 1

]

[

cos(θ) jZ0 sin(θ)
(j/Z0) sin(θ) cos(θ)

]

Figure A.2.: ABCD matrices of some useful two-port circuits.

In Fig. A.2, Z, Y are the series impedance and shunt admittance respectively,
while Z0, θ are the characteristic impedance and electrical length of an arbitrary
transmission line segment.



B. Two-Tone Measurement Setup

One widely used procedure to quantify the nonlinear effects, which are associated
with a nonlinear circuit, is the two-tone test. The underlying principle is presented
in Fig. B.1. Applying two individual sinusoidal tones at the input of a nonlinear
circuit causes intermodulation products at its output. Among them the 3rd order
intermodulation products are the most critical ones since they are allocated in the
vicinity of the fundamental tones thus they can hardly be removed with a filtering
process.

DUT

Figure B.1.: Nonlinear circuit response under two-tone excitation.

A typical two-tone measurement setup, as depicted in Fig. B.2, can be used to
determine the linearity performance of such a circuit.

0°

90°

DUT

Pin Pout

f1

f2

Hyb. 50Ω

Isolator

Isolator

SA

40dB

40dB

PM

LPF

LPF

Figure B.2.: Schematic of two-tone measurement setup.
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116 B. Two-Tone Measurement Setup

Two RF signal sources are used to produce the sinusoidal tones with individual
frequencies f1 and f2. Their output is lowpass filtered in order to cut off the
spurious harmonic parts and then amplified by highly linear power amplifiers (PA).
By connecting two isolators right after the PA modules reverse intermodulation is
avoided. The hybrid coupler is used to combine the two narrow spaced tones and
feed them to the DUT’s input port. The attenuation between the power amplifier
modules and the DUT is corrected thus the absolute power level Pin is presented
at the input port of the DUT. The output port is connected through a coupler to a
power meter (PM) and a spectrum analyzer (SA) to capture the corrected output
power and the intermodulation product levels, respectively.

For the experimental results in this work the setup of Fig. B.3 was used. Two R&S
SMIQ signal generators, one FSEB spectrum analyzer, and one NRP power meter
form the core measurement units. Additional passive elements such as isolators,
combiners and power couplers are used according to the previous description.

SA

RF 1

RF 2

PA

PA

PM
DUT

Figure B.3.: Measurement setup used for two-tone test.

The entire setup is interconnected via GPIB (General Purpose Interface Bus) and
controlled through a PC and Agilent’s VEE software. Using such a setup allows
for accurate and repeatable measurements.



C. List of Abbreviations

ACLR . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Adjacent Channel Leakage Ratio
ADS . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Advanced Design System
ASK . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Amplitude Shift Keying
BST . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Barium-Strontium-Titanate
CMOS . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Complementary Metal Oxide Semiconductor
DC . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Direct Current
DUT . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Device Under Test
EDGE . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Enhanced Data Rates for GSM Evolution
ESD . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Electrostatic Discharge
ETSI . . . . . . . . . . . . . . . . . . . . . . . . .European Telecommunications Standards Institute
EVM . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Error Vector Magnitude
FBAR . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Film Bulk Acoustic Resonator
FSK . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Frequency Shift Keying
GPIB . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . General Purpose Interface Bus
GSM . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Global System for Mobile Communications
LTCC . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Low Temperature Co-fired Ceramic
LTE . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Long Term Evolution
MEMS . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Microelectromechanical System
MIM . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Metal Insulator Metal
PA . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Power Amplifier
PC . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Personal Computer
PM . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Power Meter
PSK . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Phase Shift Keying
PZT . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Lead Zirconate Titanate
QPSK . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Quadrature Phase Shift Keying
RF . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Radio Frequency
SA . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Spectrum/Signal Analyzer
SAW . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Surface Acoustic Wave
SDD . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Symbolically Defined Device
SMA . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Sub-Miniature A
SMD . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Surface Mount Device
UMTS . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Universal Mobile Telecommunication System
VNA . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . Vector Network Analyzer
WCDMA . . . . . . . . . . . . . . . . . . . . . . . . . . . . . .Wideband Code Division Multiple Access
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